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Abstract 

The ever-increasing demand for global mobility and multi-media services has 

motivated the realizations of multi-mode, multi-band and multi-standard wireless 

communication systems. Software-defined radio (SDR), in which some or all of the 

physical layer functions are software defined, encompasses a wide range of design 

techniques to realize fully reconfigurable transceiver systems. It is an attractive radio 

platform that covers not only all the existing wireless standards (including cellular, 

WLAN, WPAN, broadcast, positioning, etc,) but also the future standards. Such a 

radio requires ultra-wideband (UWB) in-phase and quadrature-phase (IQ) local 

oscillation (LO) signals with sufficiently high spectrum purity to support diverse 

specifications. In this thesis, several novel circuit topologies and design techniques 

are proposed and integrated to realize for the very first time an ultra-wideband 

frequency generation system (FGS) for SDRs in low-cost CMOS processes. 

Firstly, complete analysis is derived and presented for both dual-band one-port 

and two-port oscillators using transformer-based fourth-order LC tanks. Based on the 

results, a dual-band quadrature voltage-controlled oscillator (Q-VCO) is 

systematically designed and implemented in a 0.13-μm CMOS process for SDR 

applications. The prototype achieves a dual-band operation with IQ output signals 



xxi 

 

from 2.7GHz to 4.3GHz and from 8.4GHz to 12.4GHz. 

Secondly, novel current-bleeding (CB) and current-reusing (CR) techniques are 

proposed, to efficiently enlarge and maximize the locking ranges of injection-locked 

frequency dividers (ILFDs) and Miller dividers (MD) without extra inductive 

components and extra power consumption. Implemented in a 0.13μm CMOS, two 

CR-ILFD prototypes, operating with 7GHz and 60GHz inputs, achieve around 3x and 

2x locking range improvement, respectively. In addition, a 60GHz CB-MD prototype 

improves the locking range by more than 5x. 

Thirdly, new circuit topologies, including a reconfigurable injection locking 

based frequency multiplier and a tunable 3GHz-to-10GHz transformer-based 

narrow-band LC-tank for single sideband (SSB) mixers, are proposed to implement 

the 14-band MB-OFDM UWB carrier generator into the FGS. Experimentally, the 

generator achieves sideband rejections (SBRs) better than 31dB for all the 14-band 

carriers from 3GHz to 10GHz. 

Fourthly, a novel interpolative-phase-tuning technique is proposed to implement 

varactor-less multi-phase LC oscillators with a wide tuning range and a low phase 

noise at millimeter-wave (MMW) frequencies. Two phase-tuning oscillator 

prototypes, one with 8-phase 50GHz outputs and another with 4-phase 60GHz outputs, 

achieve state-of-the-art performance in terms of phase noise, figure-of-merit (FOM), 

and figure-of-merit with tuning range (FOMT).  

Fifthly, an alternative method of using high frequency multipliers to synthesize 

the MMW LO frequencies is also investigated. Two injection-locked frequency 

multiplier (ILFM) chains are designed and demonstrated to provide LO signals for 

both direct-conversion and dual-conversion transceivers operating at 60GHz band. A 

proposed automatic peak calibration technique is also implemented for the ILFM 
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chain to effectively improve the output swing and the spur rejection performance 

with a small area and low power. 

 Finally, employing these circuit techniques and topologies, a wideband SDR 

frequency generation system with a reconfigurable phase-locked loop, is proposed 

and demonstrated. The prototype successfully provides IQ LO signals with 

sufficiently good phase noise not only from 47MHz to 10GHz but also from 18GHz 

to 22.5GHz and from 37GHz to 44GHz for all the wireless standards (including 

GSM900/DCS/PCS, UMTS, WLAN, WiMAX, Bluetooth, DECT, ZigBee, DVB-T/H, 

GPS, UHF-RFID, MB-OFDM UWB and UWB 802.15.3c). 

 



Chapter 1  Introduction to Software-Defined Radios 

1 

 

Chapter 1 

       Introduction to Software-Defined Radios 

 

1.1 Background 

The wireless industry has experienced a phenomenal growth over the past decades. 

It continues to provide higher data rate, more portable and flexible communications 

for users. Existing wireless access technologies today have been well developed for 

specific applications in terms of range, mobility, and data rate. As shown in Fig. 1.1, 

cellular standards have provided the mobile voice and data services with limited data 

rate. To improve the speed of communication, the technology has made advances 

from one generation to the next generation. The standards Wifi and UWB provide high 

data rate services within a local or personal area network. And access technologies like 

Bluetooth and Zigbee can provide lower power consumption and longer standard-by 

period with lower speed wireless communications. 

 

Fig. 1.1 Data rate versus range and mobility for different wireless technologies 

In order to fulfill the requirements for diverse applications such as voice, graphic, 

TV broadcasting, games, positioning, and so on, that can be suitably covered by 
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different proper access technologies, and also to enable the global roaming within 

various cellular systems coexisting all over the world, the modern radio is required to 

support different standards and sub-standards with different carrier frequencies, 

bandwidth and modulation schemes. A wireless terminal with multiple radios 

integrated together may provide a short-term solution, but the area and cost would 

increase proportionally when more and more standards need to be supported. This has 

driven the wireless industry to look for certain reconfigurable radio whose hardware 

can be programmed and defined by software to cover diverse standards, namely, a 

software-defined radio (SDR). The ideal SDR should have the maximal flexibility and 

cover any existing and future standards with any modulation scheme at any channel 

frequency. In this sense, the SDR can never be fully implemented [1]. 

 

1.2 Definition of SDR 

 The wireless innovation forum (the former SDR forum) works in collaboration 

with the IEEE P1900.1 group to provide a simple definition of the technology as 

“Radio in which some or all of the physical layer functions are software defined” [2]. 

Compared to traditional hardware-based radios with limited cross functionality 

and can only be modified through physical intervention, the SDR technology provides 

an efficient and relatively low-cost solution to allow multi-mode, multi-band and 

multi-functional wireless devices to be enhanced through software upgrades. The 

definition points out that the SDR is a group of hardware and software technologies, 

which are able to carry out the functions of some or all the radios by software or 

programmable firmware, such as field programmable gate arrays (FPGA), digital 

signal processors (DSP), general purpose processors (GPP), programmable system on 
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chip (SOC) and so on. With these technologies, new wireless features and capabilities 

can be added to the existing radio systems without adding new hardware. Under the 

scope of the definition, it is not difficult to find that there are numerous SDR adoptions 

existing in the market, that make use of and benefit from the SDR technology, though, 

they may not be marked as “SDRs”. Combo Cellular and WLAN terminals are now 

everywhere, which can support multiple standards or sub-standards at various bands 

by using programmable processing devices. Numerous SDRs have been successfully 

deployed in defense applications. And satellite “modems” that are commercially 

available make great use of programmable devices for intermediate frequency (IF) and 

baseband signal processing [2]. 

 

1.3 Motivations for SDR 

1.3.1 Benefits 

Although there are many technical challenges that need to be solved to enable 

SDRs to be widely adopted in the market, the advent of this promising technology has    

already revolutionized the business model of the wireless industry. The potential 

benefits of SDR can be specifically seen from the perspective of three parties [2][3]. 

1. For original equipment manufacturers (OEMs): A series of radio products can be 

implemented based on a common platform architecture, so new standards and new 

products can be quickly adopted and introduced to the market. The software can 

be reused across radio products, reducing the cost of development dramatically. 

Moreover, in terms of the hardware, only a single platform needs to be supported, 

cutting the time and cost for the “after-sale-service” considerably. 

2. For network operators: Firstly, new features and capabilities can be added to the 
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existing infrastructure, without major new capital expenditures. Secondly, a 

common radio platform can be reused for multiple markets, saving the cost. 

Thirdly, by the mean of remote software download, it is easy to upgrade the 

capabilities for the users. 

3. For end users: the cost to access various wireless communications can be much 

reduced, and the SDR can provide genuine global roaming and full PC-like 

software upgradability. The maximal hardware sharing of the SDR can also 

reduce the size and weight of the terminal, making the handset more portable.  

1.3.2 Efficient Spectrum Utilization 

Spectrum is a precious resource that needs to be efficiently utilized. Fig. 1.2 shows 

the spectrum allocations of the existing commercial wireless standards [4]. It can be 

seen that at those frequency bands around 900MHz, 2GHz and 2.4GHz, the 

applications are already crowded. Even though there is still much spacing remaining in 

the plot, the rapid growth of the wireless industry will ultimately drain the spectrum 

resource in the future. However, currently, as the given spectrum is specifically 

allocated for a fixed wireless service, if time and space dimensions are taken into 

consideration, the spectrum is under-utilized, for example, even in New York, the 

usage efficiency is only 13.1 percent for the spectrum from 30MHz to 3GHz, which is 

quite contradicted with the scarcity of the spectrum resource. This prompts the future 

radio to dynamically detect the free spectrum and the available radio access 

technologies, and provide the most appropriate connection based on user needs, in 

order to efficiently utilize the spectrum resource. 

Therefore, more advanced radio concepts are proposed [2], targeting for the 

future wireless market. These include  

1. Adaptive Radio, which can monitor its performance and adaptively modify the 
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operation parameters to improve the performance.  

2. Cognitive Radio, which can be aware of its internal state and environment, like 

the spectrum environment at any given time and location, and make decisions about its 

radio operation by mapping that information against predefined objectives. 

3. Intelligent Radio, which is a cognitive radio capable of machine learning. 

Although SDR is not required to perform any of the above functions, it is a 

necessary and fundamental platform for all these advanced radios. 

 

Fig. 1.2 Spectrum allocations of existing wireless standards 
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Chapter 2 

SDR Transceiver Architecture 

 

2.1 Ideal SDR Transceiver Architecture 

As shown in Fig. 2.1, the canonical SDR transceiver architecture described by J. 

Mitola [5] is maximally digitalized. Because digital circuits are more programmable 

than analog circuits, most of the signal processing is done in the digital domain. As a 

result, this architecture has the highest reconfigurable ability. 

 

Fig. 2.1 Ideal SDR transceiver architecture 

However, in this architecture, the front-end ADC and DAC need to handle the 

radio frequency signals in a complex environment. For example, to fulfill the blocker 

specification of the UMTS standard as shown in Fig. 2.2 [4], the ADC needs to 

provide a dynamic range of more than 100dB at the sampling rate of 4GHz. This 

requirement is much more than the capability of the realizable ADC as shown in Fig. 

2.3 [6].  Considering the rate of improvement of the state-of-the-art ADCs is around 

1.5bit per 8 years, such high performance ADC would not be available in the near 
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future. Besides, the huge power consumption of hundreds of Watts for such high speed 

high dynamic range ADC makes such an architecture not suitable for portable 

applications. For these reasons, the classical SDR transceiver architecture is an ideal 

concept at least in the current stage. 

 

Fig. 2.2 The desired received UMTS channel at block and interference environment 

 

Fig. 2.3 Resolution versus the sampling frequency of the realizable ADC 

 

2.2 Dual-Conversion SDR Transceiver Architecture 

Consequently, a RF front-end is required to reduce the operation frequency and 

dynamic range requirement of the ADC and DAC. Fig. 2.4 shows the dual-conversion 
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SDR transceiver architecture. Because of the multiple channel selections and filtering 

provided by the RF/analog front-end, the dual-conversion architecture features a high 

dynamic range. However, the usage of the off-chip IF filters limits the integration level 

of the dual-conversion transceiver, and more importantly, the re-configurability of the 

transceiver’s channel bandwidth is restricted by the less adjustable bandwidth of the 

IF-filters, which makes the dual-conversion architecture inappropriate for the SDR 

applications. 

 

Fig. 2.4 Dual-conversion SDR transceiver architecture 

 

2.3 Direct-Conversion SDR Transceiver Architecture 

Fig. 2.5 shows the architecture of the direct-conversion SDR transceiver. The 

elimination of IF filters allows this transceiver to be highly integrated on chip, and the 

transmitting and receiving channel bandwidths can be flexibly controlled by adjusting 

the corner frequency of the low-pass analog baseband filter. In the receiver path, the 

desired RF signals are directly down-converted to the based-band, therefore the IF 

frequency is zero. In such a case, the image of the desired signal is itself, thereby, no 
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image problem exists. The zero-IF receiver allows the ADC to operate at the lowest 

sampling frequency. However, its performance is limited by the low frequency flicker 

noise especially in the CMOS technology, and also by the time varying DC-offset at 

the mixer output due to the self-mixing of the original and leaked LO signals. 

 

Fig. 2.5 Direct-conversion SDR transceiver architecture 

To circumvent the problems, another receiver architecture low-IF receiver can be 

used, as shown by the gray-line part at the top of Fig. 2.5. The usage of a low 

frequency IF instead of a DC IF eliminates most of the flicker noise and DC-offset 

problems. However, the low-IF receiver increases the ADC’s sampling frequency and 

has the image problem. Due to the device mismatch, the image rejection ratio is 

typically below 40dB. Recently, taking the advantage of the CMOS technology 

scaling IF signals have been converted and filtered in the digital domain, adding 

more flexibility and programmability to the SDR transceiver. 
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The direct-conversion transmitter directly modulates the baseband signals to the 

RF channels, the issues of the transmitter include the LO-pulling and feed-through, 

and the biggest issue is the design of the wide-band reconfigurable power amplifier 

(PA), where sufficient linearization needs to be implemented on the switching mode 

PA to support modern communications with high power efficiency. More compatible 

with SDRs, the digital polar [7] and out-phasing [8] transmitters would be more 

promising than the analog transmitters. 

   

2.4 Proposed SDR Transceiver Architecture 

The proposed SDR transceiver architecture is shown in Fig. 2.6. The transceiver 

targets all the existing wireless standards with channel frequencies from 47MHz to 

10GHz as well as 57GHz to 66GHz, including Digital TV, cellular, WLAN, WMAN, 

WPAN, positioning and passive UHF RFID. The supporting data rate can be up to 

3Gb/s provided by the standard 802.15.3c [9] with 2.16GHz channel bandwidth at 

millimeter-wave (MM-wave) frequency. 

 The transceiver applies a direct-conversion architecture for standards with 

channel frequencies below 10GHz, and a dual-conversion architecture to support the 

MM-wave frequency band. For the dual-conversion transceiver, as the image 

frequency is 40GHz away from the desired channel frequency, the on-chip building 

blocks with LC loadings, including the low noise amplifier (LNA), the higher 

frequency down-conversion and up-conversion mixers, the RF variable gain amplifier 

(VGA), the power amplifier (PA), can provide sufficient filtering to the image tone, 

thereby, no IF-filtering is required for the dual-conversion transceiver. As a result, the 

whole SDR transceiver allows a high level integration. 
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Fig. 2.6 Proposed SDR transceiver architecture 

 The off-chip components in front of the direct-conversion transceiver, including 

the RF filter, the PA and the antenna, are selected to operate in 6 bands from band-1 to 

band-6 instead of a wide band from 47MHz to 10GHz, for the following reasons: 

1. The external building blocks, including the tunable filter, the PA and the antenna, 

can hardly cover the wide bandwidth from 47MHz to 10GHz, which is more than 

2 decades. It is more practical to divide the whole frequency range into several 

sub-bands. 

2. Sub-band filtering is required to provide isolations between different categories of 

standards. Without the sub-band filtering, when the SDR receiver operates at a 

low-power, short-distance standard mode, such as the Zigbee or Bluetooth mode, 

the strong interference from the cellular bands can interrupt and saturate the 

receiver. To deal with the interference, the SDR receiver needs to provide a high 

dynamic range at the expense of greater power consumption even for the short 

distance standards. This would make the SDR less competitive compared to a 

radio dedicated for a single standard. 
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3. Sub-band filtering is required for the transmitter part to filter out the harmonic 

tones generated by the up-conversion mixer, and also required for the receiver 

part to prevent the interference tones at harmonic frequencies of the desired signal 

being down-converted to the baseband, due to the harmonic-mixing of the 

receiver mixer. 

The Micro-Electro-Mechanical Systems (MEMS) technology can be made use of 

to select and switch the off-chip components. While the CMOS technology is the most 

suitable choice for implementing the SDR chip. It can enable the highest integration 

level for channel selection and signal processing at the lowest cost. 

 Because the carrier frequency varies from 47MHz to 66GHz, over 3 decades, the 

channel bandwidth varies from KHz to GHz, and distinguished communication 

schemes need to be accommodated to support various standards. Most of the building 

blocks in the SDR system are very challenging. Without numerous novel techniques 

and extensive efforts, the dream of the SDR can never become a reality.  

The following parts of the dissertation address one of the most critical problems 

– the wide-band carrier generation for SDRs. The organization is as follows. Chapter 

3 describes the general issues and specifications of the target FGS. Chapter 4 describes 

the theory of transformer-based dual-band oscillators and the detailed design aspects 

of the dual-band Q-VCO for the SDR FGS. Chapter 5 discusses about wide-band 

frequency dividers including the static dividers used in the FGS, and LC-based high 

frequency dividers with proposed locking range optimization techniques. The 

technical details of a novel frequency synthesis scheme for 14-band OFDM UWB are 

provided in Chapter 6. Chapter 7 describes the issues of the MM-Wave frequency 

generation, proposing a phase-tuning technique for high frequency oscillators, 

frequency multiplication circuits based on injection-locking mechanism with a novel 



Chapter 2  SDR Transceiver Architecture 

13 

 

peak frequency calibration method to enhance the circuit performance. Chapter 8 

discusses the reconfigurable phase-locked loop for the SDR FGS. The experimental 

results of the FGS are shown in Chapter 9. Finally, Chapter 10 summarizes the 

research work and the contributions of the dissertation. 
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Chapter 3 

General View of 

Wide-Band Frequency Synthesis for SDRs 

 

3.1 Target SDR Frequency Generation System 

 Fig. 3.1 shows the functional diagram of the target SDR frequency generation 

system, which fully supports the wide-band carrier signals required by the SDR 

transceiver shown in Fig. 2.6. It contains 3 parts. The first part includes a dual-band 

quadrature voltage-controlled-oscillator (Q-VCO) incorporated with frequency 

dividers to generate the carrier frequency from 47MHz to 6GHz for most of the 

wireless standards. A phase-locked-loop is applied for the VCO to stabilize the 

output frequency. The second part is the open loop carrier generator to support the 

14-Band MB-OFDM UWB. And the third part is the MM-Wave frequency extension 

circuits generating the carriers for the dual-conversion transceiver in Fig. 2.6. 

 

Fig. 3.1 Functional diagram of the target SDR FGS 



Chapter 3  General View of Wide-Band Frequency Synthesis for SDRs 

15 

 

3.2 General Requirements 

The frequency generation system (FGS) is the “heart” of the whole SDR system. 

It needs to provide high quality local oscillation (LO) signals to the SDR transceiver. 

The performance of the LO frequency generation system will directly affect the 

performance of the whole transceiver, and the specifications of the SDR FGS can also 

be derived from the requirements of the SDR transceiver. In general, the following 

issues need to be considered in the design of a LO frequency synthesizer (FS).  

3.2.1 Frequency Requirement 

The frequency synthesizer needs to generate accurate carrier frequency that can 

be well controlled within a specified range for a given standard. The frequency 

accuracy required for most communication systems is extremely demanding. For 

example, the GSM standard requires the transmitting signals to have a frequency 

accuracy that is better than 0.1 parts per million (PPM). This number is even smaller 

than the typical value achieved by an off-chip crystal oscillator (tens of PPM). To 

satisfy the requirement, the cellular phone needs to perform the baseband calibration 

based on the frequency control burst sent out by the base station, which has a more 

accurate frequency reference. Besides accuracy, the carrier frequency also needs a 

given resolution, which is the value of the frequency tuning step, determined by the 

channel spacing of a certain standard. Another frequency requirement is the tuning 

range, which is well defined by each wireless standard as the allocated spectrum for 

transmitting and receiving. For the target SDR application, the FGS needs to provide 

the LO frequencies tunable from 47MHz to 10.296GHz for the direct-conversion 

transceiver, and from 19GHz to 22GHz, 38GHz to 44GHz for the dual-conversion 

transceiver. 
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3.2.2 Spectrum Purity 

 Practical oscillators are not able to provide pure sinusoid LO signals due to the 

device noise and external interference. Therefore, it is important to consider and 

evaluate the impact of non-ideal carrier signals on communication systems. There are 

two main sources that degrade the spectrum purity of the LO signals. 

3.2.2.1 Phase Noise 

Noise would modulate the oscillation signals in both phase and amplitude, 

resulting in phase noise and amplitude noise, respectively. In the steady state, the 

phase modulation can circulate along the positive feedback loop of an oscillator, 

which shapes the phase noise in 1/ωoffset
2 relationship with the offset frequency [10], 

and the phase noise is significant at low offset frequencies and rolls off at higher 

offset frequencies. Comparatively, the amplitude-limiting mechanism of any 

electrical oscillator prevents the amplitude modulation from propagating regenerative 

around the feedback loop. Consequently, the amplitude noise is not shaped and 

contributes negligibly to the output spectrum of the oscillator at frequencies close to 

the carrier. Nevertheless, at very large offset frequencies, when the noise amplitude 

modulation is so fast that the amplitude-limiting feedback loop cannot calibrate the 

amplitude in time, the amplitude noise could become dominant. In general, 

amplitude noise is not considered in the design of an electrical oscillator, because 

only the spectrum around the carrier frequency is of interest.  

Fig. 3.2 illustrates the phase noise influence on the transmitting signals. In the 

transmitter, when the IF signal is up-converted to the desired RF channel, due to the 

existence of phase noise, the transmitting signal is spread out and emits to the
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Fig. 3.2 Phase noise influence on the near-far transmitters 

neighboring channels. In the scenario described in the plot, the transmitter with the 

desired channel is far away from the receiver, while another transmitter operating at 

the neighboring channel is much closer. Consequently, at the receiver, the wanted 

signal would be seriously compromised by the emission from the neighboring channel.   

In order to guarantee proper communications, maximum allowable emission 

should be clearly specified for each wireless standard. For example, Fig. 3.3 gives the 

unwanted RF power emission requirement of the digital enhanced cordless 

telecommunications (DECT) standard [11][12]. Considering the worst case when the 

transmission signal power is maximal as 24dBm, the phase noise specification at 

different offset frequencies can be quickly calculated as below 

ܲܰ௠௔௫ሺ ௢݂௙௙௦௘௧ሻ ൌ ௘ܲ௠௜௦௦௢௡ሺ ௢݂௙௙௦௘௧ሻ െ ௠ܲ௔௫ െ  ሻ   (3.1)ܹܤ ݊݋݅ݐܽݎ݃݁ݐ݊ܫሺܤ݀

Here, an assumption is made that the phase noise over the channel bandwidth can 

be approximated as flat with a uniform phase noise value equal to the one at the center 

frequency. Numerically, the phase noise at offset frequency 1.728MHz can be easily 
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calculated as -8dBm-24dBm-10*log(1e6), which is equal to 92 with the unit of 

dBc/Hz. 

 

Fig. 3.3 Transmitter emission requirement of DECT standard 

 Fig. 3.4 illustrates the phase noise influence on the receiver part. Both of the 

wanted signal and the blocker would be mixed with the LO signal and down-converted 

to the IF frequency, with the consequence that the wanted signal is corrupted by the 

phase noise tail of the interferer.  

 

Fig. 3.4 Reciprocal Mixing [13] 

Fully taking into account the near-far problem as described in Fig. 3.2, a standard 

committee specifies the worst blocker scenario for a receiver to ensure it is able to 

receive the signal properly. For instance, the blocking signal level for the standard 

GSM 900 is shown in Fig. 3.5 [14][15]. Based on the blocker specification, the 
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required phase noise can be calculated as 

ܲܰ௠௔௫൫ ௢݂௙௙௦௘௧൯ ൌ ௠ܲ௜௡ െ ௕ܲ௟௢௖௞௘௥൫ ௢݂௙௙௦௘௧൯ െ ሻܹܤ ݈݄݁݊݊ܽܥሺܤ݀ െ ܴܵܰ௠௜௡ (3.2) 

 Using the minimum required signal-to-noise ratio SNRmin of 9dB for the baseband 

processing and the channel bandwidth of 200KHz, the phase noise at different offset 

frequencies can be obtained, as -118dBc/Hz at 600KHz, -128dBc/Hz at 1.6MHz and 

-138dBc/Hz at 3MHz offset. Notice that the phase noise roll off is 20dB/decade, the 

most difficult phase noise requirement is the last one, which needs to be as low as 

-138dBc/Hz at 3MHz offset. Moreover, besides the LO phase noise, other building 

blocks in the receiver, such as the LNA, the mixer, and so on, also contribute noise and 

degrade the SNR. As a result, a certain margin needs to be left for the phase noise 

requirement. A typical realistic value would be -139.5dBc/Hz at 3MHz offset [14]. 

 

Fig. 3.5 GSM blocking signal environment 

3.2.2.2 Spur 

Due to the usage of the phase lock loop (PLL), a reference spur would typically 

appear at the frequency synthesizer’s output due to the clock feed-through and 

mismatch of the charge pump (CP) current. If a fractional-N FS is used for fine 
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resolution, fractional spur would also appear at the output of the FS. The requirement 

for the spur rejection is similar to that for the phase noise, which is determined by the 

transmitter mask and the receiver blocker requirement. The difference is that the phase 

noise smears the transmitting or blocker signals over the signal bandwidth, while spur 

does not. With the same power, the influence of spur and that of phase noise would be 

roughly the same. As a result, the spur specification can be conveniently obtained by 

converting the spectrum density of phase noise into power, through integrating the 

channel bandwidth, that is 

௠௔௫൫ݎݑ݌ܵ ௢݂௙௙௦௘௧൯ ൌ ܲܰ௠௔௫൫ ௢݂௙௙௦௘௧൯
 
൅  ሻ        (3.3)ܹܤ ݈݄݁݊݊ܽܥሺܤ݀

 As the SDR is wide-band in nature, the transceiver would face channels from 

multiple standards instead of a single standard. The spur far away from the carrier 

frequency is also critical, which could down-convert the interference from other 

standard’s channel to baseband or up-convert the baseband signal to other standard’s 

channel. 

3.2.3 Channel Switching 

 In communications, the modulated signals need to be dynamically allocated (or 

acquired) to (or from) different assigned channels by the transceiver. Consequently, 

the LO generator should be able to switch the carrier frequency from one channel to 

the other within a specific time period, also known as the switching time. For most of 

the wireless standards, the required switching time is in the order of hundreds 

micro-seconds. This number allows the channel switching to be performed by 

adjusting the division ratio of the multi-modulus divider in the PLL, as long as the 

loop bandwidth is sufficiently large (in the order of hundreds KHz). One exception is 

the multi-band OFDM ultra-wide-band (UWB) standard [16], which uses fast 
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channel hopping to fully utilize the spectrum and enable low spectrum power density, 

high data-rate communication compatible with other standards. The required channel 

hopping time is less than 9.47nS, to accommodate this requirement, the bandwidth of 

the PLL needs to be more than 1GHz, which is impractical to implement. As a result, 

extra circuits, such as dividers and mixers, are needed to enable rapid channel 

switching in an open loop manner. Consequently, the design complexity would be 

increased. Moreover, in order to support the spectrum scanning for the future cognitive 

radio, it is also desirable for the SDR FGS to support faster channel switching than the 

typical standard requirement. 

3.2.4 IQ Generation 

In-phase and quadrature-phase (IQ) LO signals are the prerequisites for IQ 

modulation and sideband rejection in modern transceivers. There are a range of 

methods available to generate the IQ signals. 

1. Active all-pass filter: It is able to provide 90 degree phase shift with a broadband 

unity gain response. However, the operation frequency is limited by the 

operational amplifier, which limits its application at the frequency of several GHz. 

2. Passive poly-phase filter: It is narrow band characteristic in nature, although by 

increasing the order through cascading, a wideband frequency response is 

possible, the induced power loss would be too high for the SDR application, and 

the component mismatch is an important source for the IQ imbalance. 

3. Quadrature oscillator: By coupling two VCOs in a ring architecture, IQ output 

signals can be generated over the tuning range of the Q-VCO. In this method, the 

trade-off between the phase noise and the IQ accuracy needs to be considered. 

And in the direct conversion transceiver, since the oscillation frequency of the 

Q-VCO and the RF signal frequency is close by, the LO pulling or pushing issue 
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also needs to be taken care of. 

4. Frequency dividing technique, frequency divider divides the frequency of the 

input signal and also the phase of the signal, thereby, IQ phase signals can be 

obtained by applying differential signals to a divide-by-2 divider. Compared to the 

Q-VCO, this method separates the procedures of oscillation signal generation and 

IQ signal generation, thus the design complexity of the VCO is relaxed. The phase 

noise at the divider’s output mainly depends on the one of the input signal, and the 

output IQ phase error depends on the differential accuracy of the input signal. This 

technique also has its drawbacks. The VCO needs to operate at a frequency that is 

double than that for the Q-VCO. And the high frequency wideband frequency 

divider is difficult to implement when the desired carrier frequency is very high. 

 

3.3 Specifications of SDR Frequency Generation System 

3.3.2 Specifications 

The detailed specifications of the SDR FGS are summarized in Table 3.1. The 

phase noise specifications are derived from different standards with some margins 

referred to the industrial experienced data for more practical communications. The 

specified values with their outstanding requirements compared to others are 

highlighted in the table, which are the design challenges of the desired SDR frequency 

generation system and which will be the focus of this dissertation. 
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Table 3.1 Specifications of the SDR frequency generation system 

Standards 
Frequency 

(min–max) 

Channel 

BW 

Resolution 

Requirement

Phase noise 

Requirement 

(dBc/Hz) 

Settling

time 

(μs) 

EGSM 

850-900 824-960MHz 

200KHz 200KHz -139.5@3MHz 

870 

228 for

HSCSD

310 for

GPRS 

DCS 1.71-1.88GHz 

PCS 1.85-1.99GHz 

UMTS 

FDD 1.92-2.17GHz 

5MHz 200KHz 

-120@3MHz 

200 
TDD 1.9-2.025GHz -145@20MHz 

WLAN 

802.11 

a 5. 15-5.85GHz 
20MHz 

 

10-40MHz

1MHz/5MHz -102@1MHz 224 b/g 2.4-2.484GHz 

n 2.4GHz, 5GHz 

WIMAX 

802.16 

802.16- 

2004 

TDD/ 

FDD 2.0-6.0GHz 

1.25MHz

- 

28MHz 

1.25MHz/ 

1.75MHz/ 

5MHz/ 

125KHz 

(Last two 

Profiles) 

-102@1MHz 50 

802.16e- 

2005 

Bluetooth 802.15.1 2.4-2.479GHz 1MHz 1MHz -89@500KHz 62.5 

DECT 

1.88-1.9GHz 

(EU) 

1.92-1.93GHz 

(US) 

1.728MHz 1.728MHz -131@4.7MHz 416.67

Zigbee 802.15.4 

868-868.6MHz 

902-928 MHz 

2.4-2.4835GHz 

600K/ 

1200K/ 

2MHz 

100KHz -110@10MHz 192 
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UWB 

802.15.3a 

MB- 

OFDM 

3.1-10.6GHz 528MHz 528MHz -100@1MHz 9.47e-3

802.15.3c 
58.32– 

64.8GHz 
2.16GHz 2.16GHz 

-88 

@1MHz 
100 

Broad- 

casting 
DVB-T/H 

47-68MHz 

174-239MHz 

470-598MHz 

598-862MHz 

6/7/8MHz 1MHz 
-87@10KHz 

-115@1MHz 
100 

Position GPS 1.57542GHz 

1.023- 

10.23 

MHz 

1.023MHz -105@1MHz 200 

RFID UHF 860-960MHz 
80K- 

1MHz 
100KHz -144@3.6MHz 1000 

 

3.3.3 Challenges  

From Table 3.1, it can be seen that the realization of the targeted frequency 

generation system is quite challenging in the following aspects. 

1. Ultra wide frequency range: The required LO frequency varies from 47MHz to 

44GHz, for nearly 3 decades. Obviously a single frequency synthesizer is not able 

to cover this range. A number of extending circuits outside the PLL are required, 

which makes the FS more like a system. 

2. Stringent phase noise requirement: Due to requirement of the cellular standards 

and the RFID application, the phase noise as low as -139.5dBc/Hz at 3MHz offset 

for a 2GHz around carrier frequency is required, which is very tough even for a 

dedicated voltage-controlled oscillator (VCO). And considering the wide tuning 

range the VCO needs to cover, the phase noise requirement is even more 

demanding. 
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3. MM-Wave frequency generation: To support the standard 802.15.3c, wideband 

carrier frequency at the MM-Wave frequency band is required for synthesis. This 

is very challenging considering the available process is 0.13μm CMOS, whose ft 

is around 110GHz and fmax is around 90GHz (275uA/µm, VG/VD=0.8V/1.2V). 

This drives novel MM-Wave circuit techniques to synthesize the required 

MM-Wave signals with sufficient quality under the process limits, which will be 

described in chapter 5 and 7. Although simply using more advanced CMOS 

processes may also relax the design issue for the SDR FGS, these techniques can 

always lead to superior performance with any given process. 

4. Fine resolution: In order to cover all the standards, the resolution of 25-KHz is 

required. And the resolution requirement of the GPS and the DECT standard are 

the special number of 1.023MHz and 1.728MHz. Very fine resolutions are desired 

if a single reference frequency is used. Otherwise, extra crystal oscillators may be 

required for the FGS. 

5. Fast settling: The MB-OFDM UWB standard requires around 9nS settling time. 

Extra open loop circuits are required to quickly generate all 14-band carrier 

frequencies for the standard. Consequently, the complexity of the FGS is 

increased. For other standards, the lowest settling time is required by the 

Bluetooth and Wimax, at the level of 62.5uS and 50uS. 

6. Besides, the FGS needs to provide wide band IQ signals with a high spur rejection 

ratio. As a result, when designing open loop circuits for frequency extensions, the 

induced spurious tones need to be minimized. 
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3.4 Wide-band Frequency Generation Schemes 

The stringent phase noise requirement confining the local oscillator has to be the 

LC-type. The high Q quality factor of the LC-tank helps reduce the phase noise but at 

the expense of narrow tuning range, in typical less than 30%. The following part will 

discuss the methods and the corresponding trade-offs to extend the tuning range of the 

LC-based VCO. 

3.4.1 Multiple VCOs 

A simple way to get a larger tuning range is using multiple VCOs [17], [18]. By 

doing so, the performance of the tailor-made VCOs can be optimized. However, it 

requires multiple inductive coils for multiple VCOs. To minimize the phase noise, the 

inductor coil used in the LC-VCO typically occupies a large chip area in order to 

maximize the quality factor (Q). Consequently, the VCO usually dominates the chip 

area in the whole FS, especially in advanced CMOS processes. As a result, the solution 

of multiple VCOs would inevitably increase the chip area of the FS, thus increasing 

the cost considerably. 

3.4.2 Single VCO with Divide-By-2 Dividers 

 Frequency dividers can help generate lower frequency signals than the VCO’s 

output. Current mode logic (CML) divide-by-2 dividers can operate well above 

10GHz with a large locking range without using inductors, with the standard 0.13μm 

CMOS process. Thus, it is an economical and robust solution to use divide-by-2 

dividers to extend the VCO’s tuning range. To obtain the continuous frequency band 

from 47MHz to 6GHz, the single VCO’s self-tuning range has to be as wide as 66.7%, 

which is impractical considering the low phase noise requirement. 

3.4.3 Single VCO with Divide-By-2 Dividers Plus Mixers 
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Mixers are able to perform frequency summing and subtraction. The required 

tuning range of the VCO can be reduced by employing mixers. However, mixing 

would cause the image and the spurious emission problems. To overcome them, LC 

filters are required [19]. As a result, this solution also requires extra inductive 

components and cost will be increased. 

3.4.4 Dividers Beyond Divider-By-2 

 There are also divider circuits beyond divider-by-2, which have the integer 

division number larger than 2 [20] as well as a fractional division number [21]. These 

dividers can help reduce the tuning range requirement of the VCO. 

Basically, any frequency divider can be considered as one or more mixers with 

certain feedback. Taking the divider-by-2 for instance, the output signal at frequency f 

is fed back to mix with the input signal at 2f. At the mixer’s output, the signal at f is 

generated again to form a regenerative loop. Due to the mixing, at a divider’s output 

there also exist other frequency components including the image tones and the 

harmonic mixing tones. For the integer-N divider, all the parasitic tones locate at the 

harmonics of the divider’s output frequency. As a result, integer-N divider doesn’t 

have non-harmonic spurs. Nevertheless, for division ratio larger than 2, the operation 

of the divider actually depends on the harmonic mixing of the mixer, which is the 

high-order effect. Consequently, the larger the division ratio, the smaller the divider’s 

locking range. Taking the process, voltage supply and temperature (PVT) variations 

into account, the narrow locking range of high division ratio divider [20] limits its 

applications for SDR. For fractional dividers, the mixing operation can generate rich 

non-harmonic spurs at the divider’s output. A complex calibration algorithm is 

required to reduce the spurs to an acceptable level, which takes noticeable chip area 

and power consumption [21]. 
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3.4.5 Multi-Band or Wide-Band VCO 

Recently, novel multi-band and wide-band VCOs are implemented for 

multi-standard applications. By properly dealing with inductors or transformers, these 

VCOs can achieve multi-mode operations without increasing the number of inductive 

coils. Although the design of such VCOs becomes more complicated and challenging, 

it can be a promising solution for SDRs. 
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Chapter 4 

Transformer-Based Dual-Band Oscillator for SDRs 

 

4.1 Introduction 

SDR systems require a local oscillator capable of ultra-wide frequency tuning 

range (TR) while still maintaining a high enough spectrum purity to support diverse 

specifications. The achievable TR of the commonly-used capacitive-tuning method is 

traded-off and limited by the capacitive Q, which becomes seriously degraded at high 

frequencies, and also by the power budget as a large power is required when the 

resonator is heavily loaded by the tuning capacitors. To alleviate the issues to extend 

the tuning range, switching inductors or coupled inductors are used to realize 

dual-band or wide-band VCOs [22]-[26]. However, the size of the switches needs to 

be very large to prevent the inductor’s Q from degrading significantly by their turn-on 

resistance. Consequently, the switches contribute to large parasitic capacitance, which 

results in a reduced tuning range and higher power consumption. Multiple frequency 

bands can also be generated by employing mixers [19][27], but a narrow-band LC 

filtering is required to overcome the sideband-rejection problem and the spurious 

emission caused by the mixing. As an alternative to circumvent the spur issues, 

multiple VCOs are used in [17][18], but these solutions are quite inefficient in terms of 

chip area and cost. 

Recently, multiple frequency peaks of the transformer or multi-tapped inductor 

based high-order LC tanks are exploited to realize multi-band or wideband VCOs 

[28]-[33]. [28] and [29] introduce the transformer-based one-port and two-port 
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oscillators, and demonstrate a dual-mode differential VCO, with employing a small 

turn ratio and moderately coupled transformer and using one-port oscillator 

configuration as the lower band mode and two-port oscillator configuration as the 

higher band mode to cover a wide tuning range from 3.4GHz to 7GHz. In [30], instead 

of using transformer, multi-tapped inductors are used to build a fourth-order tank, and 

based on one-port oscillations, a 0.8GHz/1.8GHz dual-band VCO is demonstrated 

with low enough phase noise applicable for GSM/DCS/PCS standards. Using large 

turn ratio and tightly coupled transformers, and making use of transformer coupling, 

[31] demonstrates a 4GHz/10GHz dual-band Q-VCO and shows that one-port 

oscillators can be stabilized with a proposed notch-peak cancellation technique. With a 

single multi-tapped inductor and based on two-port oscillations, [32] demonstrates a 

3.5GHz/10GHz dual-band differential VCO for area-efficient wideband applications. 

Employing a three-coil loosely coupled transformer and based on one-port oscillations, 

[33] exhibits a triple-mode wideband VCO tunable from 1.28GHz to 6.06GHz. As 

demonstrated in these works, because the inductive components of the high-order LC 

tank can be integrated as transformer or multi-tapped inductor, the chip area penalty is 

not much compared to the commonly used second-order LC tank based VCO, and 

because there is no extra physical resistive loss introduced into the tank in contrast 

with the switching inductor based VCO, the high-order LC tank based VCO shows its 

great potential for the wideband or multi-band applications. However, compared to the 

conventional LC-VCO design, as the order of the resonator increases, the design 

complexity of the oscillator is also increased, and more design parameters (such as the 

inductor ratio, the capacitor ratio, and the coupling between the inductors) need to be 

considered and optimized simultaneously. Moreover, with multiple-port resonant 

tanks, different oscillator configurations, like one-port and two-port oscillators for a 



Chapter 4  Transformer-Based Dual-Band Oscillator for SDRs 

31 

 

fourth-order LC-tank, become available and need to be properly selected. As a result, 

evaluations and comparisons on different circuit topologies and design parameters 

need to be done to achieve an optimal design for a specific application. 

This chapter addresses the detailed design issues of the transformer-based 

dual-band VCOs, systematically analyzes and compares the properties of 

transformer-based one-port and two-port oscillators, including the oscillation 

frequency, the power consumption, the tank Q and the phase noise. It is discovered 

that, comparatively, one-port oscillator has lower power consumption but needs to be 

stabilized if the oscillation at the higher peak frequency is desired, while two-port 

oscillator has no stability issue and has superior phase noise performance at given 

amount of tank swing, but is less efficient to convert the bias current to tank swing. 

Incorporating both one-port and two-port configurations and exploiting their 

respective advantages, a transformer-based dual-band Q-VCO is designed and 

optimized for the SDR application, which targets to support all the existing wireless 

standards from DC to 10GHz including the 14-Band OFDM UWB. 

 

4.2 Transformer-Based One-Port Dual-Band Oscillator 

Analytical results with the closed form expressions of the oscillation frequencies 

and the start-up conditions of transformer-based one-port and two-port oscillators can 

be found in the previous work assuming all capacitors are lossless [29]. To provide a 

more complete view and facilitate performance evaluations for real applications, in 

this work, the tank Qs and the phase noise of the two types of oscillators are further 

investigated and analyzed with the closed form expressions. And the performances of 

the one-port and two-port oscillators are compared in a systematical way to offer more 
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design aspects for choosing the circuit topologies. In addition, the effect of the 

capacitive loss is considered as well, which becomes critical for oscillators operating 

at high frequencies or with ultra-wide tuning range (TR). 

 
(a) 

 
(b) 

 
(c) 

 
Fig. 4.1 Transformer-based LC tank: (a) original network, (b) equivalent network with 

T-section ac model, (c) simplified ac network in a special case when M is equal to L2 

It is worthwhile to notice that the multi-tapped inductor based fourth order LC 

tank can be considered as a special case of the equivalent ac model of the 

transformer-based LC tank. Fig. 4.1(a) shows the simplified transformed based 

fourth-order LC tank, with lossless components. By replacing the transformer with the 

equivalent T-section ac model, the network is redrawn as Fig. 4.1(b), where M is the 

mutual inductance, equal to kඥL1L2. Considering a special case when M is equal to L2 

(kൌඥL2/L1), the network can be further simplified to the one in Fig. 4.1(c), which is 
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exactly the fourth-order LC tank based on a tapped inductor, with ignoring the 

coupling between the inductors. This network is used by many designs [30][32][34], 

and shows very similar properties to that of the transformer-based LC tank. 

Nevertheless, it should be noticed that, compared to the transformer, the two inductors 

of the network in Fig. 4.1(c) have the same dc voltage, consequently, for the associated 

two-port oscillator configuration, extra ac coupling circuit is required to properly 

biasing the transistors, which would cause extra loss and noise. 

Thereby, most of the conclusions drawn from the transformer-based oscillators are 

also applicable for multi-tapped inductor based ones. 

4.2.1 Oscillation Frequency 

Fig. 4.2(a) shows the general model of the one-port dual-band oscillator. Resistive 

components are added in series with the inductors and capacitors to account for the 

loss of the network, which can typically be compensated for oscillation by employing 

a negative transconductance cell at either Port 1 or Port 2. The component Qs are 

defined as QL1ൌ ωL1 RL1⁄ , QC1ൌ 1 ωC1RC1⁄ , QL2ൌ ωL2 RL2⁄ , and QC2ൌ 1 ωC2RC2⁄ . 

To facilitate the calculation of the tank impedance, the transformer is replaced by 

an equivalent network as shown in Fig. 4.2(b), and the impedance ZL1 can be derived 

as: 

ܼ௅ଵ ൌ ∆ܴ௅ଵ ൅ ଵܮ݆߱
ᇱ                          (4.1a) 
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where ZL1 contains an equivalent inductor Lଵ
ᇱ in series with a resistor ∆RLଵ, and the 

angle frequencies ωଵ,ଶ are given by ω1ൌ 1 ඥL1C1⁄ , ω2ൌ 1 ඥL2C2⁄ . Without loss of 

generality, let’s define L1ൌmL2ൌ mL, C1ൌnC2ൌ nC, and assume in all the following 

discussions that k > 0 and mn ൐ 1 so that ωଵ ൏ ωଶ. 

 

(a) 

 

(b) 

                 

(c) 

Fig. 4.2 One-port oscillator: (a) general model, (b) equivalent network for Z11 

calculation, (c) simplified network for Z11 calculation 

 Finally, Z11 can be considered as a simplified LC tank as shown in Fig. 4.2(c). The 

frequency response of Z11 can be quickly estimated by assuming a low-loss case (RL1, 
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RL2, RC1, RC2 0), in which case Z11 can be derived as: 

ܼଵଵ ൎ ሺ1 ⁄ଵܥݏ ሻ||ሺܮݏଵ
ᇱሻ ൌ ௝ఠభ

మ௅భఠሾሺଵି௞మሻఠమିఠమ
మሿ

ሺ௞మିଵሻఠరାሺఠభమାఠమమሻఠమିఠభమఠమమ       (4.2a) 

Because of the symmetry of the network in Fig. 4.2(a), Z22 can be directly rewritten 

from Z11 as: 

ܼଶଶ ൎ ௝ఠమ
మ௅మఠሾሺଵି௞మሻఠమିఠభ

మሿ
ሺ௞మିଵሻఠరାሺఠభమାఠమమሻఠమିఠభమఠమమ                 (4.2b) 

From Eqs. (4.2a) and (4.2b), it can be seen that Z11 and Z22 have exactly the same two 

peak frequencies located at 

߱ு ௅⁄
ଶ ൌ ఠభ

మାఠమ
మേඥሺఠభమିఠమమሻమାସ௞మఠభమఠమమ

ଶሺଵି௞మሻ               (4.3) 

Besides the zero frequency, there is only one notch frequency ωଵ,୬୭୲ୡ୦ in Z11, and 

similarly, there exists only one notch frequency ωଶ,୬୭୲ୡ୦ in Z22, which are given by 

߱ଵ,௡௢௧௖௛ ൌ ఠమ
√ଵି௞మ                         (4.4a) 

߱ଶ,௡௢௧௖௛ ൌ ఠభ
√ଵି௞మ                         (4.4b) 

 

4.2.2 Start-Up Condition 

Fig. 4.3(a) and Fig. 4.3(b) plot the magnitude and phase responses of Z11 and Z22 

with high-Q components. The phase shift begins from 90° at low frequency and 

crosses 0° at the first peak frequency ωL. And the phase returns to 90° after the notch 

frequency either ωଵ,୬୭୲ୡ୦ in Z11 or ωଶ,୬୭୲ୡ୦ in Z22, and crosses 0° again at the second 

peak frequency ωH.  
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                          (a)                              (b) 

Fig. 4.3 Frequency response of the fourth-order LC tank: (a) Z11. (b) Z22 

The start-up condition of the one-port oscillator shown in Fig. 4.2(a) is given by 

௠ଵଵ/ଶଶܩ ൐ ଵ
௥௘௔௟൛௓భభ/మమൟ

                          (4.5a) 

݅݉ܽ݃൛ݖଵଵ/ଶଶൟ ൌ 0.                            (4.5b) 

If the tank Q is high enough, from Eq. 4.5(a), the minimum Gm for oscillation can 

be expressed as: 

௠ଵଵ,௠௜௡ ൌܩ ൫ோಽభ
ᇲାோ಴భ൯஼భ

௅భ
ᇲ .                        (4.6) 

Putting Eqs. (4.1b) and (4.1c) into Eq. (4.6), it can be derived that 
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where the high-order terms such as ଵ
2ܥ1ܳܥ1ܳܮܳ

 are ignored for high Qs, 

A1ൌ ω1
2 ωosc

2⁄ , A2ൌ ω2
2 ωosc

2⁄ , and λ ൌ A2ሺA1െ1ሻ
A1ሺA2െ1ሻ. 

Symmetrically, Gm22,min can be easily rewritten from Eq. (4.7a) as 
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For the one-port oscillator, at both the potential oscillation frequencies ωL and 

ωH , the phase shift is 0°, and thus Eq. (4.5b) is satisfied, and the necessary and 

sufficient conditions for start-up oscillation at ωL  or ωH  would become Gm11/22 > 

Gm11/22,min(ωL), or Gm11/22 > Gm11/22,min(ωH), respectively. If Gm11/22 is large enough to 

satisfy the two conditions, the oscillator can potentially oscillate at either frequency ωL 

or ωH [35] or concurrently oscillate at both frequencies [36][37]. The final steady state 

oscillations depend on the detailed configuration of the high-order LC tank and the 

specific form of nonlinearity of the active device [37]. 

In either case, to avoid the concurrent oscillation and the potential stability 

problem that the one-port oscillator could jump from one desired equilibrium 

oscillation frequency to the other (with certain disturbance like an injected interference 

close to the other peak frequency, or large voltage or temperature variations), it is 

highly desirable to control the oscillator to operate stably at only the wanted frequency. 

This can be achieved by introducing the notch-peak cancellation concept [31]. It is not 

difficult to show that as long as |k| 0 or mn ∞, the notch at ωଵ,୬୭୲ୡ୦ in Z11 is prone 

to cancel the higher frequency peak, and the notch at ωଶ,୬୭୲ୡ୦ in Z22 is prone to cancel 

the lower frequency peak. As such, in the Fig. 4.3(a) there would be only one dominant 

peak at ωL in the magnitude response of Z11, and with a practical tank Q, the phase 

shift of Z11 would stay around -90° and fail to cross 0° at ωH as ωଵ,୬୭୲ୡ୦ is close by. 

Similarly, there is only one dominant peak at ωH in the magnitude response of Z22, 

and the phase shift of Z22 would stay around 90° and fail to cross 0° at ωL with 

ωଶ,୬୭୲ୡ୦ being close by. In both cases, the start-up condition can be satisfied at only 

one peak frequency, and consequently, there is no stability problem. 

In general, |k| 0 is undesirable in terms of the chip area as the two coils of the 
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transformer need to be completely decoupled from each other. It would be more 

desirable to make mn ∞, which is equivalent to ω2 ب ω1 . Consequently, when 

ωoscൌ߱L, A2بA1൐1, and when ωoscൌ߱H, A1اA2൏1. From Eq. (4.7a), it can be 

seen that Gm11,min ሺωLሻاGm11,min ሺωHሻ, which is consistent with the discussion above 

that there is only one dominant peak at ωL  in Z11. Fig. 4.4(a) plots the 

transconductance ratio Gm11,min ሺωHሻ/Gm11,min ሺωLሻ in a log scale, using the 

component values of L ൌ1nH , C ൌ300fF , QL1ൌQL2ൌ7 , QC1ൌQC2ൌ20 , 

mൌnൌω2/ω1. From the plot it can be seen that with different values of ω2/ω1 and k, 

the transconductance ratio is always larger than 1, which implies that if the 

cross-coupled Gm cell is placed at Port 1 to compensate the loss of the tank, the VCO 

always prefers to oscillate at the lower peak frequency ωL. Moreover, the larger the 

ratio ω2/ω1  is, the more stable the oscillation becomes. In Fig. 4.4(b), the ratio 

Gm22,min ሺωLሻ/Gm22,min ሺωHሻ is plotted in a log scale. In order to enable stable 

oscillation at ωH, the oscillator can be designed such that Gm22,min ሺωHሻ ൏ Gm22 ൏

Gm22,min ሺωLሻ. In this case, the values of √mn and k need to be properly chosen. For 

example when k=0.4, √mn needs to be larger than 1.5 to provide at least 6dB margin 

for designing Gm22. On the other hand, when k=0.8, √mn needs to be much larger 

than 4.5 to prevent the VCO from oscillating at ωL. Consistent with the notch-peak 

cancellation concept, large mn and small |k| values are critical for the implementation 

of dual-band one-port oscillator. 
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(a)                                        (b) 

Fig. 4.4 One-port oscillator: (a) plot of the ratio Gm11,min(ωH) to Gm11,min(ωL) in log 

scale, (b) plot of the ratio Gm22,min(ωL) to Gm22,min(ωH) in log scale 

 

4.2.3 Tank Quality Factors – Qs 

For one-port oscillators, the tank quality factor Q11 at the oscillation frequency is 

given by 
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|ఠୀఠ೚ೞ೎ቁ          (4.8) 

where ߮ଵଵ denotes the phase of Z11 and ωoscൌ 1 ඥL1Ԣ C1⁄ , which is equal to ωL or 

ωH in the lossless case. 

Combining with Eqs. (4.1b) and (4.1c), Eq. (4.8) can be further derived as: 
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    (4.9a) 

by ignoring the high-order terms such as ଵ
2ܥ1ܳܥ1ܳܮܳ

 for high Qs. 

Because of the symmetry of the network in Fig. 4.2(a), Q22  can be easily 

modified from Eq. (4.9a) as 

ଵ
ொమమ

ൌ ଵ
ሺଵାఒషభሻ஺మ

ଵ
ொಽమ

൅ ଵ
ଵାఒషభ 

ଵ
ொ಴మ

൅ ଵ
ሺଵାఒሻ஺భ

ଵ
ொಽభ

൅ ଵ
ଵାఒ

ଵ
ொ಴భ

      (4.9b) 
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Although the expressions of Q11 and Q22 are exactly the same, because the desired 

oscillation frequencies are different (A1, A2 and λ are functions of ωosc), their values 

are distinguishable. 

4.2.4 Phase Noise 

 Fig. 4.5(a) shows the schematic of the transformer-based one-port dual-band 

oscillator, where the negative transconductance cells are implemented with the 

commonly used cross-coupled differential pairs. The oscillation at either ωL or ωH 

can be selected by controlling the bias current sources. For example, at the low band 

mode, Ib1 is enabled while Ib2 is disabled, and the negative Gm made from M1 and M2 

are added at Port 1 to compensate the loss of the tank as shown in Fig. 4.5(b), the 

oscillator operates at the lower peak frequency. At the high band mode as shown in Fig. 

4.5(c), the negative Gm made from M3 and M4 are added at Port 2 to compensate the 

tank loss, thereby the oscillator operates at the higher peak frequency. To achieve 

stable dual-band operation, the LC tank needs to be controlled based on the notch-peak 

cancellation concept described earlier, as a result, to maximize the capacitor ratio n, in 

Fig. 4.5(b), C2 is minimized when varying C1 to tune ωL, and in Fig. 4.5(c), C1 is 

maximized when varying C2 to tune ωH. 

Within a narrow bandwidth around ω୭ୱୡ, the characteristic and thus the noise 

shaping property of a transformer-based LC tank are the same as a second-order LC 

tank. And with the general definition of tank Q [32][38][39], the high-order tank can 

be equivalently treated as a single capacitor C1/2 in parallel with an effective inductor,  
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Fig. 4.5 Transformer-based one-port dual-band oscillator:  

(a) the complete schematic, (b) simplified schematic for low band mode,  

(c) simplified schematic for high band mode 

like Lଵ
ᇱ  in Fig. 4.2(c). Thus, the phase noise of the one-port oscillator can be 

expressed, directly using the time-variant phase noise analysis result from [40], as 

ࣦଵି୮୭୰୲,ଵଵ/ଶଶሺ∆ωሻ ൌ 10log ሾ୩BT
C

ன౥౩ౙ
Qభభ/మమ∆னమAభభ/మమ

మ ሺ1 ൅ γሻሿ  (4.10) 

where C is the differential tank capacitor, equal to 0.5C1/2, ∆ω is the offset frequency 

from the carrier, γ is close to 2/3 for low-electric-field MOSFETs provided that no 

large overdrive voltage is required by the differential pair M1-2/3-4 for completing 

current switching, which is typically the case [41]. Assuming the current flowing into 
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the tank is square wave like, the differential output amplitude A11/22 is given by: 

Aଵଵ/ଶଶ ൌ ସ
஠

ଵ
Gౣభభ/మమ,ౣ౟౤ ሺனL/Hሻ

Iୠଵ/ଶ            (4.11) 

 

4.3 Transformer-Based Two-Port Dual-Band Oscillators 

4.3.1 Oscillation Frequency 

Fig. 4.6(a) gives the general model of the transformer-based two-port oscillator.  

+ -

 

(a) 

 

(b) 

Fig. 4.6 (a) General model of transformer-based two-port oscillator, (b) frequency 

response of Z21. 
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The transfer impedance Z21 can be derived as 

ܼଶଵ ൌ ݇
ቀோ಴భା భ

ೕഘ಴భ
ቁቀோ಴మା భ

ೕഘ಴మ
ቁ

ሺଵି஺భሻටಽభ
ಽమ

ோమାሺଵି஺మሻටಽమ
ಽభ

ோభି௝ ೃభೃమ
ഘඥಽభಽమ

ା௝ఠඥ௅భ௅మሾሺଵି஺భሻሺଵି஺మሻି௞మሿ
     

(4.12) 

where R1ൌRL1൅RC1, R2ൌRL2൅RC2, A1ൌ ω1
2 ω 

2⁄ , A2ൌ ω2
2 ω 

2⁄ . It is interesting 

to note that the result in Eq. (4.12) is perfectly symmetrical with respect to the two 

ports. That is, Z21 is equal to Z12, as expected for such a passive network. 

With high-Q assumption (RL1, RL2, RC1, RC2 0), Z21 can be simplified as 

ܼଶଵ ൎ ௝௞ఠభ
మఠమ

మඥ௅భ௅మఠ
ሺଵି௞మሻఠరିሺఠభమାఠమమሻఠమାఠభమఠమమ          (4.13) 

From Eq. (4.13), the two peak frequencies of Z21 can also be expressed as Eq. (4.3), 

which implies that the potential oscillation frequencies ωL and ωH are exactly the 

same for both one-port or two-port configurations as long as the component Qs are 

sufficiently high. 

4.3.2 Start-Up Condition 

For the two-port oscillator as shown in Fig. 4.6(a), the current i1 provided by the 

Gm21 cell flows into the tank and generates a voltage v2 across the transformer, which is 

then fed back to the input of the Gm21 cell to form a feedback loop. The start-up 

conditions of the two-port oscillator can be expressed as 

௠ଶଵܩ כ ሼܼଶଵሽ݈ܽ݁ݎ ൐ 1                          (4.14a) 

݅݉ܽ݃ሼݖଶଵሽ ൌ 0                              (4.14b) 

As the sketched frequency response of Z21 in Fig. 4.6(b), due to the absence of 

the non-zero frequency notch, the phase shifts of Z21 are distinct as 0° and -180° at 

the peak frequencies ωL  and ωH , respectively. As a result, to form a positive 
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feedback loop to initialize oscillation, Gm21 needs to be positive at ωL but negative at 

ωH. Consequently, the oscillation frequency of the two-port oscillator can be well 

determined by controlling Gm21 to be positive or negative. In other words, there is no 

stability issue for the two-port VCO as in the one-port counterpart. 

 From Eq. (4.14a), with high-Q approximation, the minimum Gm21 to sustain the 

oscillation can be simplified as: 

௠ଶଵ,௠௜௡ ൌܩ
ሺ஺మିଵሻ భ

ೂಽభ
ାሺ஺భିଵሻ భ

ೂಽమ
ା஺భሺ஺మିଵሻ భ

ೂ಴భ
ା஺మሺ஺భିଵሻ భ

ೂ಴మ
௞஺భ஺మఠ೚ೞ೎ඥ௅భ௅మ

  (4.15) 

Note that when ωoscൌωL, A2൐A1൐1, and Gm21,min is a positive number, and when 

ωoscൌ߱H, A1൏A2൏1, and Gm21,min is a negative number. If all the capacitors are 

assumed to be lossless, Gm21,min can be simplified to the result obtained in [29]. 

4.3.3 Tank Quality Factors – Qs 

The tank quality factor Q21 for the two-port oscillator at the desired oscillation 

frequency is expressed as ቚఠ೚ೞ೎
ଶ

ௗఝమభ
ௗఠ

ቚ, where ߮ଶଵ  denotes the phase of Z21. After 

simplification with high-Q approximation, it can be derived that Q21 is exactly the 

same as Eqs. (4.9a) and (4.9b), which means that both the one-port and the two-port 

oscillators have approximately the same tank quality factor as long as the tank 

components have high Qs or low losses. 

4.3.4 Phase Noise 

Fig. 4.7(a) shows the schematic of transformer-based two-port dual-band 

oscillator. As discussed above, the low band or high band oscillation can be well 

determined by controlling Gm21 in Fig. 4.6(a) to be positive or negative, respectively. 

When only the current source Ib1 is enabled, as shown in Fig. 4.7(b), the associated 

transistors M1 and M2 forms an equivalently positive Gm21, thereby, the oscillator 
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Fig. 4.7 Transformer-based two-port dual-band oscillator:  

(a) the complete schematic, (b) simplified schematic for low band mode, (c) simplified 

schematic for high band mode. 

operates at the lower frequency peak as the low band mode. When only the current 

source Ib2 is enabled, as shown in Fig. 4.7(c), the associated transistors M3 and M4 

forms an equivalently negative Gm21, consequently, the circuit oscillates at the higher 

frequency peak as the high band mode. Making use of the transformer, the gate 

voltages and drain voltages of M1-4 can be independently biased to redistribute the 

amplitudes and keep the transistors from entering into triode region [42]. Interestingly, 

the topology of the two-port oscillator is very similar to the Class-C oscillator as 
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proposed in [43], and the phase noise expression has been derived and can be 

expressed as: 

ࣦଶି୮୭୰୲ሺ∆ωሻ ൌ 10log ሾ୩BT
C

ன౥౩ౙ
Qమభ∆னమAమభ

మ ቀ1 ൅ ஓ
୩GD

ቁሿ       (4.16) 

where C is the differential capacitance at the transistor’s gate, which is equal 0.5C1 for 

the low band or 0.5C2 for the high-band. kGD is the voltage ratio of the gate amplitude 

to the drain amplitude. To minimize the phase noise, it is desirable to maximize the 

ratio kGD. Thereby, in the low band mode the drain of M1/2 is connected with L2 as 

shown in Fig. 4.7(b), in the high band mode the drain of M3/4 is connected with L1 as 

shown in Fig. 4.7(c). With the above analysis results, kGD can be well determined as 

equal to Gm22,min(ωL)/Gm21,min(ωL) for the low band and Gm11,min(ωH)/Gm21,min(ωH) for 

the high band. From Eqs. (4.7a) (4.7b) and (4.15), kGD is increased with larger 

frequency ratio of ω2/ω1 and smaller coupling coefficient k, which is the same 

direction as the notch-peak cancellation. Finally, in Eq. (4.16) the differential output 

amplitude A21, is given by: 

Aଶଵ ൌ η ଵ
Gౣమభ,ౣ౟౤ ሺனL/Hሻ

Iୠଵ/ଶ              (4.17) 

where η is equal to 4/π or around 2 without or with tail current shaping, respectively. 

 

4.4 Comparisons of One-port and Two-Port Oscillators 

4.4.1 Oscillation Frequency 

Fig. 4.8(a) and Fig. 4.8(b) plot the two peak frequencies ωH and ωL given by Eq. 

(4.3) for different values of coupling coefficient k and ω2/ω1, and compare to the peak 

frequencies of both the one-port and two-port non-ideal oscillators, assuming the same 

component values as above. From the plots, the calculated result of Eq. (4.3) with 
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(a)                                      (b) 

Fig. 4.8 Plots of the peak frequencies: (a) ωL in unit of ω1, (b) ωH in unit of ω1. 

low-loss assumption is in general a good estimation of the actual peak frequencies of 

typical one-port and two-port oscillators although special attention needs to be paid for 

the higher peak frequency when the two coils of the transformer are tightly coupled. 

Furthermore, the plot also shows that ωL  is always smaller than ω1  while ωH  is 

always larger than ω2. When k is a small number close to 0, the transformer behaves as 

two independent inductors, and ωL/H is close to the value of ω1/2. When k increases 

from 0 to 1, ωL  decreases and eventually reaches a minimum value of 

ඥω1
2ω2

2 ሺω1
2+ω2

2ሻ⁄  when k=1, which is equal to 0.707ω1  if ω2/ω1=1, or ω1  if 

ω2/ω1 ∞. On the other hand, when k increases from 0 to 1, ωH also increases and 

finally approaches to infinity when k is very close to 1. These results are as expected 

because from Eqs. (4.2a), (4.2b) or (4.13), when |k|=1, there exists only one peak 

frequency ωL in Z11, Z22 or Z21, and ωH is pushed to infinity. 

4.4.2 Start-Up Condition 

Fig. 4.9 plots the calculated and simulated required Gm to oscillate at ωL and ωH 

in both one-port and two-port configurations for comparison. From Fig. 4.9(a) and Fig. 

4.9(b), it can be clearly seen that in most situations the two-port oscillator requires 
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(a)                                        (b) 

Fig. 4.9 Start-up condition of both one-port and two-port oscillator: (a) calculated and 

simulated required Gm in log scale to oscillate at ωL, (b) calculated and simulated 

required Gm in log scale to oscillate at ωH. 

much larger Gm to sustain oscillation than the one-port oscillator does. This can be 

understood by comparing Eq. (4.15) with Eq. (4.7a) or (4.7b) terms by terms. For 

example, at ωL, when ω2 ب ω1, the first term in Gm21,min, 
ଵ

kඥL1L2
· A2‐1

A2
· 1

A1ωosc
·

 1
QL1

, is larger than that in Gm11,min, 
1

L1
· 1

A1
· 1

A1ωosc
·  1

QL1
, not only because 

ଵ
kඥL1L2

 > 

1
L1

, but also because A2بA1൐1, 
A2‐1

A2
൐

1
A1

 . Similar comparisons can be also applied 

to the other terms in the equations. As a result, Gm21,min > Gm11,min when ω2 ب ω1. As 

the frequency ratio ω2/ω1  decreases, A2  also decreases, the term 
A2‐1
A2

 becomes 

smaller, and as shown in Fig. 4.9(a), Gm21,min is reduced with decreased ω2/ω1 . 

Similarly, when ωoscൌωH , comparing the coefficient of 1
QL2

 in Gm21,min, 

A1‐1
kA1A2ωoscඥL1L2

, with that in Gm22,min, 
1

A2
2ωoscL2

, when the frequency ratio ω2/ω1 
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is large, A11ا , thus the absolute value of the term 
A1‐1

A1
 in Gm21,min becomes 

infinitely large. On the other hand, in Gm22,min, the term 
A1‐1
A1

 does not exist, and the 

coefficient of 
ଵ

ఒ஺భ
 in front of 1

QL1
 is simply equal to 

A2‐1
A2ሺA1‐1ሻ

 . It follows that 

Gm21,min is much larger than Gm22,min. When the frequency ratio ω2/ω1 decreases, A1 

increases, and as shown in Fig. 4.9(b), Gm21,min is also reduced with decreased ω2/ω1 

when ωoscൌωH. 

For the one-port oscillator, it can be observed from Fig. 4.9(a) that to oscillate at 

the lower frequency ωL, Gm11,min is relatively constant for different frequency ratios 

ω2/ω1 and k values. On the contrary, Fig. 4.9(b) shows that, to oscillate at the higher 

frequency ωH, Gm22,min is minimized with large ω2/ω1 and small k. Intuitively, in Z11, 

as the lower frequency peak is always dominant as compared to the higher frequency 

peak, there is not too much variation for the peak impedance at ωL. In contrast, in Z22, 

because the higher frequency peak is not always dominant as compared to the lower 

frequency peak, the requirements for ω2/ω1  and k are the same as stabilizing 

condition. It is worthwhile to note that Gm22,min is not plotted for small ω2/ω1 and 

large k values because the one-port oscillator could hardly oscillate at the lower 

frequency peak under these conditions. 

4.4.3 Tank Quality Factors – Qs 

Fig. 4.10 plots the calculated and simulated one-port and two-port tank Qs at the 

two peak frequencies with the same parameters used previously and with the inductor 

Q and capacitor Q being set to 7 and 20, respectively. Simulations show that the 

discrepancy between the calculated and simulated tank Qs for the two oscillators is 
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Q(ωL), |k|=0.8

ω2/ω1

Q(ωL), |k|=0.4

Q(ωL), |k|=0.2

Q(ωH), |k|=0.2
Q(ωH), |k|=0.4

Q(ωH), |k|=0.8

 

Fig. 4.10 Calculated and simulated tank quality factor Q11/22 and Q21 at the two peak 

frequencies ωL and ωH. 

decreased and finally approaches to zero as component Qs are increased, which 

validates the derivation. Moreover, Fig. 4.10 shows that, in general, compared to a 

second-order LC tank with the same component Q, the transformer-based fourth-order 

LC tank has a better Q at the lower frequency peak but a worse Q at the higher 

frequency peak. This can be understood from Eq. (4.9a) or (4.9b), from which the 

terms 
ଵ

ଵା஛
 and 

ଵ
ଵା஛షభ reflect the ratio of the contribution from L1 and L2 or C1 and 

C2 to the total tank Q (noting that 
ଵ

ଵା஛
 + 

ଵ
ଵା஛షభ = 1). Assuming that QL1ൌQL2ൌQL 

and QC1ൌQC2ൌQC , where QL  and QC  denotes the Q of the L and C in the 

second-order LC tank, the total contribution from QC1 and QC2 to the fourth-order LC 

tank’s Q will be the same as the contribution from QC to the second-order LC tank’s Q. 

As a result, comparatively, whether the Q of the transformer-based LC tank is 

enhanced or degraded depends on whether the contribution from QL1 and QL2 is 

reduced or increased, which is determined by the extra coefficient 1/A1 and 1/A2. At 
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ωL, A2൐A1൐1, the transformed based LC tank’s Q is improved. On the other hand, at 

ωH, A1൏A2൏1, and the tank Q is degraded. 

From Fig. 4.10, the tank Q at the lower frequency ωL is improved while the tank 

Q at ωH  is degraded with smaller frequency ratio ω2/ω1  and larger coupling 

coefficient k. This can be also estimated from Eq. (4.9a) or (4.9b). Assuming that 

QL1ൌQL2ൌQL, QC1ൌQC2ൌQC and mൌnൌω2/ω1, the equations can be written in the 

form of Eq. (4.18a) at ωL and (4.18b) at ωH, to keep the first term’s numerator and 

denominator positive. 

ଵ
ொ೟ೌ೙ೖሺனLሻ

ൌ ൫௡మ஺భ
మିଵ൯ି௞మ

൫௡మ஺భ
మିଵ൯ା௞మ

ଵ
ொಽ

൅ ଵ
ொ಴

            (4.18a) 

 ଵ
ொ೟ೌ೙ೖሺனHሻ

ൌ ൫ଵି஺మ
మ/௡మ൯ା௞మ

൫ଵି஺మ
మ/௡మ൯ି௞మ

ଵ
ொಽ

൅ ଵ
ொ಴

           (4.18b) 

As A1 at ωL and A2 at ωH are weakly dependent on n and k when k is not very close 

to 1, from Eq. (4.18a) and (4.18b), it can be directly seen that when n is decreased or k 

is increased, the tank Q at ωL could be improved while the tank Q at ωH will be 

degraded. At the limiting case when ω2/ω1=1 and k=1, ωL is reduced to 0.707ω1, 

and A1 is 2. If the capacitor loss is ignored, the maximum tank Q at ωL is 2QL. On the 

other hand under, the same condition, as ωH is close to infinity, A2 is close to zero, 

and the tank Q at ωH would be infinitely small. 

4.4.4 Phase Noise 

If comparing the one-port and two-port oscillators’ phase noise in an intuitive way 

with the well-know Leeson equation [44] expressed as 

ࣦሺ∆ωሻ ൌ 10log ሾ୩BT
C

ன౥౩ౙ
Q∆னమAబ

మ ሺ1 ൅ Fሻሿ          (4.19) 

where F is the excess noise factor accounting for the noise from active devices. The 
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oscillation frequencies and the tank Qs are approximately the same as long as the tank 

components are of low loss. On the other hand, in general, the two-port oscillator 

requires larger Gm than one-port oscillator to sustain the same amount of A0, which 

would inject more noise current into the tank. As such, it would be concluded that 

two-port oscillators have inferior noise performance compared to one-port 

counterparts. However, this conclusion does not take into account the transistor noise 

in a time-variant way, and the excess noise factor F would be highly dependent on how 

the active devices are configured to compensate the tank loss. Eqs. (4.10) and (4.16) 

clearly show that, the active devices of two-port oscillators actually contribute less 

phase noise than ones of one-port oscillators. 

It should be noticed that both Eq. (4.10) and Eq. (4.16) assume that the switching 

transistors M1-4 do not leave saturation region when they are on. And Eq. (4.10) 

assumes that the capacitor at the tail node Ct1/2 is much smaller than C1/2. Using the 

passive component values in previous discussion and assigning m=n=4, k=0.6, Fig. 

4.11(a) shows the simulated (using SpectreRF) output amplitude and phase noise 

values versus different tail currents and capacitances, when the one-port oscillator 

operates at ωL with only Ib1 enabled. The transistors with size of 50μm/0.12μm in a 

0.13μm CMOS process (Vth around 0.4V), are used for M1-2 to make the operation 

close to hard switching. The calculated phase noise and output amplitude based on Eqs. 

(4.10) and (4.11) are also plotted for comparison with no Ct1 and very large Ct1. 

In Fig. 4.11(a), when Ib1 is small and A11 is no larger than Vth so that M1-2 do not 

enter into triode region, both the output amplitude and the phase noise are linearly 

improved with the increasing bias current, and the simulated results can be well 

predicted by the calculated ones. Since the tail capacitor can help shaping the current 

injected into the tank, the output amplitude and thus the phase noise are improved with 
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(a)                                        (b) 

Fig. 4.11 Phase noise and amplitude of transformer-based: (a) one-port, and (b) 

two-port oscillators. 

larger tail capacitance [45]. However, when the Ib1 is increased further, M1-2 would 

operate more in triode region with larger output amplitude, and the output amplitude 

begins to deviate a little from the predicted linear curve because the tank is loaded by 

the tail capacitor with the finite turn-on resistance of the MOSFETs in triode region 

[46]. In contrast, with increasing Ib1, the phase noise curve deviates further and further 

away from the predicted linear improvement, and the deviation of the phase noise 

curve is much more than the one of the output amplitude curve, mainly because the 

MOSFETs produce much more effective noise when the transistors are operated in the 

deep triode region [43]. And the larger the tail capacitance, the more the phase noise is 

degraded from the expected value. 

Using the same parameters as above, Fig. 4.11(b) plots the calculated and 

simulated amplitudes and phase noise with different tail currents and tail capacitance 

values, when the two-port oscillator operates at ωL with only Ib1 enabled. Compared 

to the one-port oscillator, the Ib1 of two-port oscillator needs to be around 3 times larger 

in order to achieve the same output amplitude, as predicted by Eqs. (4.7a) and (4.15). 
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However, because the drain amplitude is much smaller than the gate amplitude and the 

gate voltage can be biased to be much lower than the voltage supply, the transistors can 

be kept away from the triode region even when the differential output amplitude is as 

large as 2V (VDD is 1.2V). As a result, with the increased bias current, the two-port 

oscillator shows much better amplitude and especially phase noise “linearity”, which 

is quite close to the ideal calculated results. It follows that, with sufficiently large bias 

current, two-port oscillator is able to achieve lower phase noise compared to the 

one-port oscillator. 

 Moreover, it is worthwhile to notice that all the discussions on the phase noise of 

one-port and two-port oscillators do not take into account the noise contribution from 

the current source. In order to minimize this contribution, the tail current MOSFET 

of one-port oscillators would require larger voltage headroom than that of two-port 

oscillators, due to the parasitic capacitance from the current source [43]. 

Consequently, the achievable maximum oscillation swing of two-port oscillators 

could be larger than that of one-port oscillators. 

 

4.5 Frequency Plan of Dual-band VCO for SDR FGS 

Making use of the analytical results, a dual-band transformer-based oscillator is 

designed for the target SDR FGS. With dual-band operations, the transformer-based 

VCO can achieve a tuning range larger than 66.7% so that a continuous frequency 

range from 47MHz to 6GHz can be obtained by simply employing a chain of 

divide-by-2 frequency dividers. As such, the problem with spurious tones with using 

mixers or fractional dividers can be totally eliminated. Moreover, to support all the 14 

OFDM UWB frequency bands from 3GHz to 10GHz, the VCO is also designed to 
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provide the fundamental IQ signals at 8.448GHz, and the divider chain in the PLL can 

be reused in the “UWB” mode to simultaneously generate the required IQ signals at 

frequencies 4224MHz, 2112MHz, 1056MHz, 528MHz, and 264MHz for 

single-sideband (SSB) mixings [47]. 

 As discussed in Section 4.4, compared to a second-order LC tank, the Q of a 

transformer-based LC tank is improved at the lower frequency peak but degraded at 

the higher frequency peak. It is therefore more desirable to make VCO operate at the 

lower frequency band when the LO frequencies are generated for those wireless 

standards with stringent phase noise requirement. Fig. 4.12 shows the frequency 

planning of the dual-band VCO, in which the frequency of interest can be generated at 

either of the two frequency bands or at a sub-harmonic of these frequency bands by 

dividing them down by 2N. Fortunately, the frequency bands covering all the standards 

with the most stringent phase noise requirement (such as GSM/DCS/PCS requiring 

<-139.5dBc/Hz at 3MHz offset and passive UHF RFID requiring -144dBc/Hz at 

3.6MHz offset [48]) can be assigned into the lower frequency band while the 

frequency bands for the other standards with more relaxed phase noise requirement 

can be assigned in the higher frequency band. 

To generate LO signals according to the frequency planning shown in Fig. 4.12, 

the LO frequency range should be wide enough to cover dual bands from 3GHz to 

4.2GHz and from 8.4GHz to 12GHz. For the target system applications, IQ outputs are 

also required at these LO frequencies. These IQ signals can be obtained by dividing 

down a differential LO signal operating at twice of the operation frequency, which 

would require excessively large power consumption for ultra-wideband VCO and 

frequency dividers at 24GHz. Alternatively, wideband poly-phase filters can be 

employed at the expense of high loss and large IQ mismatches over the entire 
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ultra-wideband frequency range. Taking into account all these considerations and 

trade-offs and considering the limited fT of the 0.13μm CMOS process used, a 

dual-band QVCO covering the fundamental frequency bands from 3GHz to 4.2GHz 

and from 8.4GHz to 12GHz is chosen as the design target. 

 

Fig. 4.12 Frequency planning of the dual-band VCO 

  

4.6 Design of Transformer-Based Dual-band Q-VCO 

 In general, it is complicated to optimize the design of a dual-band VCO because 

various transformers with different combinations of inductor ratios and coupling 

coefficients can be used to fulfill the specified frequency bands. According to the 

frequency plan, around 45% tuning range is required for both of the low band and high 

band, with some margin for the process variation. Switched-capacitor arrays (SCAs) 

are employed to achieve the tuning ranges each band. Including all the parasitic 

capacitance, when all the switching capacitors are on, the total capacitance is around 

1.1pF for C1/2, and QC1/C2 are around 21 and 7.5 for 3GHz and 8.4GHz, respectively, in 
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a 0.13μm CMOS process. As pointed out by Eqs. (4.9a) and (4.9b), at ωL, since λ < 1, 

the tank Q is mainly decided by the QL1, while at ωH, since λ > 1, the tank Q is mainly 

dominated by the QL2, so QL1 and QL2 should be optimized at the low band frequencies 

and high band frequencies respectively. Assuming QL1=QL2=14 at the interested bands, 

and QL1=QL2=7 at the other frequency bands, which are the typical values of the 

achievable inductor Q as simulated by Momentum using the 2μm thick top metal layer 

of the process, all the profiles, including the required bias currents (to obtain 

maximum differential output amplitude of 2V), the tank Qs, the phase noise of both 

one-port and two-port oscillators as well as stability conditions of one-port oscillator, 

can be fast evaluated as shown in Fig. 4.13 by using the equations in Section 4.2 and 

Section 4.3. 

 

Fig. 4.13 Estimated (a) bias current for maximum output swing, (b) tank Q, (c)phase 

noise at 3MHz frequency offset, (d)stability margin of one-port oscillator. 
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Noted that when k is increased from 0, ωL departs from ω1 and becomes lower 

and lower, while ωH departs from ω2 and become higher and higher, consequently 

the desired frequency ratio ωH/ωL around 2.8 is not achievable when k becomes 

larger than 0.77, which can be known from Eq. (4.3) by using ω1ൌω2, thus in Fig. 12 

the curves are only plotted up to k=0.7. 

When plotting Fig. 4.13, L1 and L2 are varied to make the dual-band VCO 

oscillates at 3GHz and 8.4GHz for the worst scenario when all the switching 

capacitors are turned on, and it is assumed that tail capacitance is zero for the one-port 

oscillator and is large enough for the two-port oscillator to predict the lowest 

achievable phase noise at largest output swing. As shown in Fig. 4.13(a), when k is 

increased, the required bias current is reduced for the two-port oscillator but increased 

for the one-port oscillator. And when k is increased to around 0.6, the bias current of 

two-port oscillator can be comparable to the one of one-port oscillator for the low band 

oscillation. On the other hand, to sustain maximum swing for the high band oscillation, 

the two-port oscillator requires large current above 60mA and the one-port oscillator 

required around 25mA when k is less than 0.5. In Fig. 4.13(b), the low band tank Q is 

improved from 8.4 to 9.7 while the high band tank Q is degraded from 4.8 to 2.2 when 

k is increased from 0.1 to 0.7. The high band tank Q is mainly dominated by the QC2, 

which can be improved by increasing the switch size of the switched capacitor at the 

expense of smaller tuning range. In Fig. 4.13(c), for one-port oscillator, when k is 

increased, the low band phase noise is improved because the low band Q is improved, 

and the high band phase noise is degraded because of the degradation of the high band 

Q. On the other hand, for the two-port oscillator, when k is increased, because the 

voltage ratio KGD is decreased for both the low band and high band, the low band phase 

noise actually degrades slightly although the low band Q is improved, while the high 
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band phase noise degrades significantly due to the degradations of both KGD and high 

band Q. Fig. 4.13(d) illustrates that one-port oscillator can operate stably at the low 

band for any k value but would fail to operate at the high band when k is close to 0.7. 

Finally, k is selected around 0.5. As a result, the two-port configuration can be used for 

low band operation to achieve dedicated phase noise performance to meet the cellular 

standards as well as passive UHF RFID, with less than 10mA bias current for 

maximum voltage swing. And the higher frequency peak of Z22 can be more than 10dB 

larger than the lower frequency peak, so that one-port configuration can be used for 

high band operation to greatly save the high band power consumption. In the design, to 

further reduce the high band power, the high band output swing is reduced from 2V, 

and the penalty of phase noise is not linearly proportional because for the one-port 

oscillator the phase noise curve is “compressed” significantly at the large output swing 

as shown in Fig. 4.11(a), especially a large size tail current transistor is used to 

minimize the noise contribution from the current source. 

Fig. 4.14(a) shows the schematic of the transformer-based dual-band Q-VCO. The 

operation can be divided into two modes. In the first mode, the current sources Icore1 

and Itune1 are turned on and Icore2 and Itune2 are turned off, and the circuit operates as a 

two-port oscillator as shown in Fig. 4.14(b). As M1 and M2 are connected to make the 

Gm21 as shown in Fig. 4.6(a) positive, the VCO will oscillate at the lower frequency 

band. In the second mode, the current sources Icore1 and Itune1 are turned off and Icore2 

and Itune2 are turned on, and the VCO operates at the higher frequency band as a 

one-port oscillator shown in Fig. 4.14(c). In both modes, the fine frequency tuning is 

realized by varying the coupling current [49] instead of using varactors to reduce 

AM-to-PM noise conversion and to prevent the tank Q from being further degraded by 

varactors. A V-to-I converter with tunable transconductance is implemented to convert 
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Fig. 4.14 Schematic of the transformer-based dual-band Q-VCO: (a) the complete 

schematic, (b) simplified schematic for the first mode, (c) simplified schematic for the 

second mode. 

the control voltage from the loop filter to the tuning current to make effective KVCO 

tunable for dynamic loop bandwidth control. 5-bit binary weighted SCAs are placed at 

both the first and the second coils of the transformer to realize the coarse tuning and to 

reduce the required tuning range of Itune1/2 and thus the variation in phase noise. A large 
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frequency ratio ω2/ω1  is desirable to minimize the phase noise of the two-port 

oscillator in the first mode, and to stabilize the one-port oscillator in the second mode, 

thereby, in the first mode all SCAs at the port-2 are turned off, while in the second 

mode all SCAs at the port-1 are turned on. 

 

(a)                                   (b) 

Fig. 4.15 Transformer’s (a) layout, and (b) model. 

Fig. 4.15(a) shows the layout of the transformer designed for the dual-band 

Q-VCO. The 1st coil is laid out as 3-turn octagon inside, and the 2nd coil is laid out as 

1-turn octagon outside. The widths of the 1st coil and 2nd coil are optimized as 9μm and 

12μm, to make the peak QL1 and peak QL2 located at the low band and high band, 

respectively. The space between the two coils is set to 3um to achieve the coupling 

coefficient k around the desired value 0.5. Simulation verifies that at the worst case 

when all the switched capacitors at the 2nd coil are turned on, the higher-frequency 

peak impedance |Z22(ωH)| is more than 10dB larger than the other peak impedance 

|Z22(ωL)|. The transformer model is shown in Fig. 4.15(b). To achieve more accurate 

results, two sets of model parameters are separately fitted and used in SpectreRF 

simulations over the two frequency bands. In the dual-band Q-VCO layout, all the 
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transistors and SCAs for the high-frequency band are placed closer to the transformer 

than those for the low-frequency band to maximize the ratio C1/C2 and to balance the 

power consumption of the two bands. 

For LC-based Q-VCO, bimodal oscillations may occur during the frequency 

tuning because when all the switched capacitors are off, the inductor Q dominates the 

tank Q, and the Q-VCO would prefer to oscillate at the frequencies higher than the 

peak frequency [49]. However, when all the capacitors are switched on, the tank Q 

would be dominated by the capacitor Q, especially at high oscillation frequency, and 

consequently the Q-VCO would prefer to oscillate at the frequencies lower than the 

peak frequency. To eliminate any potential bimodal oscillations, the cascode 

transistors M5 and M6 are added to create enough delay at the coupling path [50]. 

To improve the IQ matching, the current sources of “I” and “Q” parts are 

connected correspondingly as shown in the dotted lines in Fig. 4.14[51]. In order to 

measure the IQ sideband rejection ratio (SBR) directly, the QVCO’s IQ outputs are 

connected to an on-chip single-sideband (SSB) mixer. A low-frequency divider is also 

embedded to generate the second low-frequency IQ input signals for the SSB mixer 

from an external low-frequency input signal. 

 

4.7 Experimental Results 

The dual-band Q-VCO was fabricated in a 0.13-µm CMOS process. Fig. 4.16 

shows the die photo of the Q-VCO together with the on-chip SSB mixer and divider 

for the SBR measurement, where the Q-VCO occupies an area of 1.2mm*0.7mm. 
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Fig. 4.16 Die photo of the proposed dual-band Q-VCO. 

 The dual-band Q-VCO draws a current from 12mA to 20mA from a 1.2V voltage 

supply in both modes. Fig. 4.17 shows the measured frequency curves of the Q-VCO 

in the two modes as a function of the tuning current. The Q-VCO is continuously 

tunable from 2.7GHz to 4.3GHz in the first mode and from 8.4GHz to 12.4GHz in the 

second mode, corresponding to the tuning ranges of 45.7% and 38.5%, respectively. 

 

(a)                                            (b) 

Fig. 4.17 Measured frequency tuning curves of the dual-band quadrature VCO when 

the Q-VCO operates at: (a) the first mode. (b) the second mode. 

As a result, the experimental dual-band Q-VCO can successfully meet the 
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frequency requirement for the SDR applications. During the measurement, it is found 

that in the second mode the Q-VCO could oscillate at the lower frequency peak when 

the SCAs at the 1st port are all intentionally turned-off while the SCAs at the 2nd port 

are all on, which shows that keeping a large capacitor ratio C1/C2 is important for the 

stability of the one-port oscillation. 

 

(a)                                            (b) 

Fig. 4.18 Measured phase noise curves of the dual-band Q-VCO when it operates at: 

(a) the lower frequency band 3.6GHz. (b) the higher frequency band 10.4GHz. 

To measure the low phase noise at large frequency offset, an external amplifier is 

used to suppress the noise floor of the testing environment. Fig. 4.18(a) and Fig. 4.18 

(b) show the measured phase noise profiles at 3.6GHz and 10.4GHz with the Q-VCO 

drawing 16mA from the voltage supply, from which the phase noise values of 

-135.9dBc/Hz and -119dBc/Hz at 3MHz offset are achieved, respectively. In the first 

mode, the measured phase noise can marginally fulfill the most difficult requirement 

by DCS/PCS considering a 6dB phase noise improvement after an operation of 

divide-by-2 and exceeds the requirement of GSM 850-900 considering a 12dB 

improvement after divide-by-4. In the second mode, the measured phase noise meets 

all the requirements of the related standards such as WLAN and UWB considering the 

corresponding frequency division ratio. 

Fig. 4.19(a) and Fig. 4.19(b) show the measured phase noise as a function of the 
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tuning current at different SCA settings. When the tuning current varies from 2mA to 

10mA, the phase noise at 1MHz offset is measured between -118.9dBc/Hz and 

-130.2dBc/Hz for the lower band and between -99.7dBc/Hz and -108.1dBc/Hz for the 

higher band, respectively. As expected, the phase noise is degraded with increased 

tuning current. From the frequency tuning curves as plotted in Fig. 4.17, a tuning 

current from 2mA to 6mA is sufficiently enough for covering the required frequency 

bands with 5-bit binary-weighted SCAs, thus at 1MHz frequency offset, the low band 

phase noise variation can be reduced to between 122.1dBc/Hz and 130.2dBc/Hz, and 

the high band phase noise variation can be reduced to between 102.1dBc/Hz and 

108.1dBc/Hz. 

 

    (a)                                       (b) 

Fig. 4.19 Measured phase noise of the dual-band quadrature VCO at 1MHz offset at 

different tuning current and SCA settings when the Q-VCO operates at: (a) the first 

mode. (b) the second mode. 

 The measured spectrums of SSB mixer’s output under the same bias conditions in 

Fig. 4.18 are shown in Fig. 4.20(a) and Fig. 4.20(b). Assuming that the mismatch of 

the QVCO is dominant, the SBRs of 37dB and 41dB are achieved for the lower and 

higher band, corresponding to IQ phase errors of 1.6° and 1°, respectively. 
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(a)                                            (b) 

Fig. 4.20 Measured spectrum at the SSB Mixer’s output, when the Q-VCO operates 

at: (a) the lower frequency band 3.6GHz. (b) the higher frequency band 10.4GHz. 

Table 4.1 summarizes the performance of the designed dual-band Q-VCO 

compared with the other published dual-band VCOs. The figure-of-merit (FOM) and 

figure-of-merit with TR (FOMT) are defined as: 

ܯܱܨ ൌ ݃݋10݈ ቈ൬ ଴݂

∆݂൰
ଶ 1
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ܴܶ௧௢௧௔௟ ሾ%ሿ

10 ሻ 

 

Table 4.1 Comparisons of Dual-Band Differential and Quadrature VCOS 

Ref. Tech. 
1st Band 

[GHz] 

2nd Band

[GHz] 

PN 

[dBc/Hz]

Pdiss 

[mW]

Area

[mm2]
Output FOM FOMT

[22] 
0.25μm

CMOS

0.98 

~1.16 

(17%) 

1.60 

~2.01 

(23%) 

-138 

/-132 

@3MHz

11 

/14 
0.25 Dif. 

178 

/177 

190 

/189 

[23] 
0.18μm

CMOS

0.82 

~0.87 

(5%) 

1.64 

~1.81 

(10%) 

-125/-123

@ 

0.6MHz 

16 0.90 Dif. 
176 

/181 

180 

/184 

[24] 
90nm 

CMOS

8.1~15.4 

(62%) 

-106 

@1MHz
7.7 - Dif 179 194 
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[26] 
0.13μm

CMOS

3.3~8.4 

(87%) 

-117 

~-122 

@1MHz

7~15 0.1 Dif 
181 

~185 

200 

~204 

[27] 

0.18μm

Bi- 

CMOS

6.3~6.6 

(5%) 

9.45~9.9

(5%) 

-106/-104

@1MHz
19.4 1.651 I&Q 

177/17

8 

177/17

8 

[28] 
0.13μm

CMOS

3.4~7 

(69%) 

-101 

~-119 

@1MHz

1~8 0.651 Dif. 
167 

~192 

184 

~209 

[30] 

0.5μm 

Bi- 

CMOS

0.79 

~0.85 

(7%) 

1.75 

~1.87 

(7%) 

-134/-134

@1MHz
15 3.61 Dif. 

181 

/188 

184 

/191 

[31] 
0.18μm

CMOS

3.27 

~5.02 

(42%) 

9.5~11.4

(18%) 

-116/-112

@1MHz
6/10 0.88 I&Q 

181 

/182 

197 

/198 

[32] 
90nm 

CMOS

3.1~3.9 

(23%) 

8.8~11.2

(24%) 

-122/-117

@ 

2.5MHz 

2.2 

~4.2

/6.7 

~10 

0.034 Dif. 181 194 

[35] 
0.18μm

CMOS

2.4 

(0%) 

4.7 

(0%) 

-122/-123

@1MHz
3.4 - Dif. 

185 

/192 
- 

This 
0.13μm

CMOS

2.7~4.3 

(46%) 

8.4~12.4

(38%) 

-136/-119

@3MHz

14~2

4 
0.84 I&Q 

185 

/177 

203 

/195 

1. The area counted includes pads. 

 

4.8 Summary 

In this chapter, dual-band oscillators using transformer-based fourth-order LC 

tank are analyzed. The closed forms of the oscillation frequencies, start-up conditions, 
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the tank Qs and the phase noise of both one-port and two-port oscillators are derived 

and compared. Compared to two-port oscillators, one-port oscillators consume less 

power but may suffer stability problem, which can be solved by the proposed 

notch-peak cancellation technique. Analysis also shows that with low-loss tank 

components, the two configurations have the same tank Qs. And the fourth-order LC 

tank’s Q is better at lower peak frequency but worse at the higher peak frequency than 

the Q of a second-order LC tank. On the other hand, compared to one-port oscillators, 

two-port oscillators has better phase noise “linearity” with increased biasing current, 

which enable them trade off power consumption with phase noise performance more 

efficiently. Based on the analysis, a dual-band Q-VCO is proposed and designed 

specifically for the wide-band SDR application. Implemented in a 0.13μm CMOS 

process, the dual-band Q-VCO prototype achieves IQ output signals continuously 

from 2.7GHz to 4.3GHz and from 8.4GHz to 12.4GHz, and successfully meets the 

frequency and phase noise requirement of the target SDR LO generation system for all 

the wireless standards from 47MHz to 10GHz. 
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Chapter 5 

Wide-Band Frequency Dividers 

 

 Frequency dividers are key building blocks in frequency synthesizer to divide 

down the VCO’s output frequency and make it comparable to the reference 

frequency. Frequency dividers are also widely used to generate IQ carrier signals in 

the modern transceivers. For the SDR applications, frequency dividing is an 

important manner to extend the frequency range of the VCO. Comparing different 

types of frequency dividers, there is a direct trade-off between the operation 

frequency and the locking range. LC-based injection-locked frequency dividers 

(ILFDs) feature the highest operation frequency at the lowest power, but their locking 

range is quite limited due to the high-Q nature of the resonator. LC-based Miller 

Dividers (MD) [52] have improved locking range than ILFDs, but their operation 

frequency is lower and the power consumption is typically larger compared to ILFDs. 

Without employing resonators, static dividers have the largest locking range, while 

the operation frequency is lowest.  

In this chapter, static frequency divider is reviewed and modified for the SDR 

FGS as described in section 5.1. Section 5.2 presents a proposed current 

bleeding/reusing technique to improve the locking range of ILFDs. Section 5.3 

applies the current bleeding technique on MDs as well to enhance the locking range 

of MDs. Section 5.4 provides the general theory and method applicable for both of 

the LC-based frequency dividers, to optimize the operations and the locking ranges 

of the two divider types. Finally, the experimental results are shown in Section 5.5. 
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5.1 High Speed Static Frequency Divider 

5.1.1 Static Frequency Divider Topologies 

Static digital dividers are realized through cascading two latches that are 

transparent out of phase from each other, as shown in Fig. 5.1, so they are called 

flip-flop dividers.  

 

Fig. 5.1 Block diagram of flip-flop based digital divider 

 For high speed digital circuits, high ratio of the driving current to the loaded 

capacitance is desired. Increasing transistor width does not help because both the 

driving current and the load capacitance increase with wider transistors. The voltage 

supply can be increased, which improves the driving current while keeps the loaded 

capacitance almost the same. Another more effective solution is to decrease the 

transistor length, by doing so, the driving current increases and the loaded capacitance 

decreases. Thereby, static digital dividers directly benefit from the scaling of the 

CMOS technology, and they can be also used as a manner to evaluate the technology. 

 There are many kinds of circuit topologies available for implementing the latch. 

A popular one which is able to operate with single-end input (one phase) clock is 

called true single phase clocked (TSPC) divider. Fig. 5.2 shows a simplified 

implementation of TSPC approach with 9 transistors [53]. Feeding back the inverted 
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output directly to the input either in Fig. 5.2(a) or in Fig. 5.2(b), a divide-by-2 circuit is 

formed, with the clock signal as the divider’s input. 

 

(a)                             (b) 

Fig. 5.2 Simplified TSPC registers (a) positive transition triggered (b) negative 

transition triggered 

 This kind of divider does not need the differential clock and has no static power 

consumption, while achieving compact size with a reasonably high speed. However, 

the divider needs a full swing input clock to properly operate and since the signals 

have to go through 3 stages per cycle, the speed is still limited. 

 Faster divider topologies are proposed by Razavi [54] and Wang [55], as shown in 

Fig. 5.3(a) and Fig. 5.3(b), respectively. For both of the two topologies, speed is 

improved because the transition signals only have to go through two gates per cycle. 

But these two dividers require full swing differential input signals and have static 

power consumptions. 

 

(a) 
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(b) 

Fig. 5.3 (a) Razavi’s frequency divider, (b) Wang’s frequency divider. 

 One of the fastest static frequency dividers is the source-coupled logic (SCL) 

divider, as shown in Fig. 5.4. Since whether the latch is in sensing mode or latching 

mode is controlled by the current-mode input clock, this kind of divider is also called 

current-mode logic (CML) divider.  

 

Fig. 5.4 Schematic of SCL frequency divider 

 The signal goes through only two gates per cycle and the usage of low speed 

PMOS is avoided. The divider is able to operate with smaller input clock swing than 

previous approaches, which is very important at high frequencies. However, obviously 

the SCL divider has static power consumption and needs differential input signals.  

 In latching mode, the cross-coupled pair needs large load impedance for firm 

positive feedback. In the sensing mode, the differential pair needs small load 
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impedance for small RC constants. Therefore, a potential solution to improve the SCL 

divider’s speed is using a dynamic load PMOS instead of the fixed resistive load. 

However, such solution would be limited by the speed of PMOS, and requires extra 

biasing for the PMOS, making the circuit more sensitive to PTV variations. Another 

way to improve the speed of the SCL divider is using inductive shunt peaking to 

enhance the bandwidth of the divider’s load, but at the expense of more chip area. 

5.1.2 Quadrature-In-Quadrature-Out (QIQO) SCL Dividers 

 Fig. 5.5 shows the block diagram of the frequency divider chain in the desired 

SDR FGS. The dual-band Q-VCO’s output frequency range is extended through 

numbers of QIQO divide-by-2 dividers, as from divider-A to divider-G. As a result, 

IQ outputs can be supported continuously from 47MHz to 6GHz. 

 

Fig. 5.5 Frequency divider chain for extending DB QVCO’s frequency range 

In the 0.13μm CMOS, SCL dividers are able to operate with more than 15GHz 

input frequency, at the expense of 6mA power consumption including the one of IQ 

divider buffers. Although the power consumption can be much reduced if LC-based 

ILFD is used instead, static SCL dividers are chosen and applied in the SDR FGS for 

the following reasons. First, two inductors are required for IQ output LC-based 

dividers, which consumes much larger chip area, and the much increased size of the 



Chapter 5  Wide-Band Frequency Dividers 

74 

 

frequency dividers with using inductors can also induce longer running lines among 

building blocks, which results in reduced output swing at each divider’s input, 

consequently, either divider buffer’s power consumption needs to be increased to 

compensate the loss of running line, or the divider’s locking range would be 

sacrificed. The latter is especially critical for the LC-based ILFD, as its locking range 

may not be sufficient for the wide-band SDR application. 

Because each divider outputs IQ signals while only requires differential input 

signals, a second dummy divider would be required to balance the IQ loading of the 

previous divider stage, which consumes extra area and power. To avoid extra dummy 

dividers, as show in Fig. 5.6, for each divider stage the input IQ signals are combined 

in current domain, converted into differential signals and then injected into the divider 

core. Along the divider chain, the dividers’ load resistors and bias currents are scaled 

accordingly, to enable fast design and good matching of the operation frequencies. 

 

Fig. 5.6 QIQO CML divide-by-2 divider 

 

5.2 Proposed Current-Reusing ILFD (CR-ILFD) 

To enable the low power high frequency ILFDs being widely used in wireless 

communications, intense design techniques have been investigated and reported to 
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enhance the ILFD’s locking range. Injection into two coupled LC-oscillators [56] and 

sandwiched injection into two identical LC-oscillators [57] were proposed but are only 

suitable for dividers requiring quadrature outputs. Inductive-peaking and 

trans-conductance enhancement techniques [58][59][60] were also employed but 

require extra inductors and thus larger chip area. In this section, a simple but effective 

technique is presented to significantly enlarge the locking range of ILFDs without 

extra inductive component while consuming low power. 

Fig. 5.7(a) shows the schematic of a conventional ILFD, and its behavioral model 

is shown in Fig. 5.8(a). The differential pair M2 and M3 act as a single-balanced mixer, 

to mix the fed-back output voltage Vo at frequency ω with both the dc current Idc and 

the ac current Iinj at frequency 2ω provided by the tail transistor M1, where the current 

ratio |Iinj|/|Idc| is defined as the injection ratio η. Ia and Ib are the mixing products of Idc 

and Vo, Iinj and Vo, with the conversion coefficients k1 and k2, respectively. Due to the 

high selectivity of the LC-tank, only the current components at frequency ω are 

considered at the mixer’s output. Two conditions need to be satisfied for the divider to 

work properly. The first one is that the loop gain needs to be at least unity, which is 

easy to satisfy for the ILFD as long as Idc is large enough for self-oscillation. The 

second condition is that the total phase shift in the loop needs to be zero. Consequently, 

as shown in Fig. 5.8(a), the phase shift φ needs to compensate the induced phase shift β 

from the LC-tank at the operation frequency ω. Because of the high-Q of the LC-tank, 

as ω moves away from ω0, |β| increases rapidly, and |φ| needs to be increased 

accordingly. From the phasor diagrams in Fig. 5.8(b), the maximum |φ| is given by 

arcsin(|Ib|/|Ia|), which is proportional to (k2/ k1)·η. Due to the mixing property, the 

conversion coefficient k2 is always smaller than k1, which limits maximum achievable 

|φ|. As a result, increasing the injection ratio η is critical for the improvement of the 
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phase condition and thus the locking range. 

 

Fig. 5.7 (a) Conventional LC ILFD, (b) current-bleeding LC ILFD, and (c) proposed 

injection-enhanced frequency divider. 

Given a fixed input swing, the injection ratio η can be increased by reducing the 

bias gate voltage of M1 to operate it in Class-C mode instead of Class-A mode. 

However, the W/L size of M1 would need to be increased rapidly to maintain the 

biasing current, which would result in large parasitic capacitance at the drain node and 

limit the effective achievable injection ratio [61]. One simple solution to improve the 

injection ratio is to steer away some of the dc current from M2 and M3 by connecting a 

current source from VDD to the common-source node as shown in Fig. 5.7(b). The 

current bleeding also reduces the overdrive voltage of M2 and M3 and thus improves 

the switching of the single-balanced mixer. The current source can be simply 

implemented by a PMOS with a constant gate bias voltage. Moreover, as shown in Fig. 

5.7(c), the injection ratio can be improved further by applying the ac input signal to the 
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gate of the bleeding PMOS M4 instead of a constant gate voltage. As such, the PMOS 

transistor acts not only to reduce the dc current but also to inject more ac current to the 

divider. Since the bleeding current is reused to bias the PMOS transistor, no extra 

power is required. Fig. 5.8(b) shows the differences on the phasor diagrams between 

the conventional ILFD and the proposed injection-enhanced ILFD. By increasing |Ib| 

and reducing |Ia|, the phase condition and thus the locking range are significantly 

improved. Finally, as shown in Fig. 5.7(c), ac coupling is implemented for both M3 and 

M4 to enable the divider to operate at a lower supply voltage. 

 

Fig. 5.8 (a) Behavioral model of LC-ILFD, and (b) phasor diagrams of the current 

injection into the LC-tank. 

5.3 Proposed Current-Bleeding MD (CB-MD) 

The above ILFDs are operated with only single-ended input signals. When 

connected to VCOs, which are typically differential to reject common-mode noise and 

to avoid the grounding issues, especially at millimeter-wave (MMW) frequencies, a 



Chapter 5  Wide-Band Frequency Dividers 

78 

 

second dummy ILFD is required to balance the loading of the VCO [62]. Such a 

dummy ILFD would inevitably increase both the chip area and the power consumption. 

Miller dividers [63][64] can support differential inputs, but they are not as widely used 

as ILFDs, especially at very high frequencies, mainly due to their inferior gain 

condition and thereby limited locking range under constrained power consumption. In 

this section, a simple but effective technique is presented to improve the gain condition 

and maximize the locking range of Miller dividers at 60GHz without increasing chip 

area and power consumption. 

 

Fig. 5.9 Conventional Miller Divider and its behavioral model 

Fig. 5.9 shows the schematic of a conventional MD. The transistors M1-6 function 

as a double-balanced mixer, whose outputs are fed back to the switching transistors 

M3-6 to perform divide-by-2 operation. Notice that as described in [63], the output 

voltages can be also fed back to the gates of the trans-conducting transistors M1-2 and 

thereby the input signals can be applied to the gates of the M3-6. However, by doing so 

the typically larger input capacitance of the switching transistors M3-6 needs to be 
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driven at 2ω rather than ω, which would cause higher power consumption.  

The behavioral model of the conventional MD is also shown in Fig. 5.9. The 

output voltage Vo at frequency ω is fed back to mix with both the input dc current Idc 

and the input ac current iinj at frequency 2ω provided by M1-2. The output current 

components ia and ib are defined as: ia(ω)=k1·Idc·Vo(ω) and ib(ω)=k2·iinj(2ω)·Vo(ω), 

where k1 and k2 are the conversion gains from Idc to ia and from iinj to ib, respectively. 

Two conditions need to be satisfied for the loop to operate properly. The first condition 

is that the total phase shift in the loop needs to be zero, which means that the phase 

shift γ from Vo to the current injected to the LC-tank needs to compensate the induced 

phase shift β from the LC-tank at the operation frequency ω. Due to the 

double-balance mixing, the injected current only contains the component ib, and the 

phase shift γ is determined by the phase difference between the input and the output 

voltages, which can be any arbitrary value. Consequently, the phase condition is not a 

problem for MDs. 

The second condition is that the loop gain must be at least unity, or equivalently 

2k2|iinj(2ω)||Z(ω)| ≥ 1. As the inductance L is small for mm-wave frequencies, |Z(ω)| is 

small, and thus k2|iinj(2ω)| needs to be large to meet the gain condition. Unfortunately, 

due to the limited conversion gain k2, large biasing current and large input swing are 

typically required, which makes the conventional MDs less attractive as compared to 

ILFDs. Since the operation of the MD is limited by the gain condition, it is not 

necessarily beneficial to completely cancel out the current component ia. In fact, it can 

be shown that the gain condition and thus the locking range can be significantly 

improved by intentionally introducing some net current component ia to the tank. This 

could be done by sizing or biasing M1 and M2 differently, but it would cause 

significant differential mismatch to the divider’s input impedance. Alternatively, M3-4 
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and M5-6 can be sized differently, which would however make ia amplitude highly 

sensitive to the output voltage Vo. For example, when Vo is large enough, both M3-4 

and M5-6 operate closely to hard switching, and the net ia injected into the LC-tank 

would become very small.  

To overcome these problems, current bleeding technique can be applied by 

adding a PMOS M7 to steer away a dc current Ibleed from M3 and M4, as shown in Fig. 

5.10. For clarity, transistors M3-6 have been redrawn in Fig. 5.10 but their connections 

remain exactly the same as in Fig. 5.9. From the behavioral model in Fig. 5.10, the 

current bleeding introduces a well-controlled extra current component ic into the 

LC-tank, which is proportional to the bleeding current Ibleed. It will be shown in the 

following section that Ibleed can be well determined so as to optimize the divider’s 

operation and maximize its locking range. 

 

Fig. 5.10 Proposed current-bleeding MD and its behavioral model 
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5.4 Locking Range Optimizations of LC-Based Frequency Dividers 

5.4.1 Analysis of Optimal Condition 

The phasor diagram of the total current injected into the LC-tank itotal is plotted in 

Fig. 5.11. When the operation frequency ω is farther away from the peak frequency ω0 

of the LC-tank, as the tank impedance |Z(ω)| decreases and the induced phase shift 

from the tank |β| increases, both the magnitude |itotal| and phase shift |γ| from |itotal| need 

to be increased in order to maintain the same output amplitude and satisfy the phase 

condition.  

 

Fig. 5.11 Phasor diagram of the currents injected into the LC-tank 

For a given LC-tank and a specified minimum required output amplitude Vo,min, at 

the edge of the locking range ωmin/max, the minimum required |itotal| is 

Vo,min/|Z(ωmin/max)|, and with such a value as the radius, the constant amplitude circle 

can be plotted as shown in Fig. 5.11 to specify the minimum required  amplitude 

condition of itotal. Similarly, at ωmin/max, the minimum required phase shift |γ| is equal to 
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|β(ωmin/max)|, and with such a value as the angle, the constant phase line can be also 

plotted to specify the minimum required phase condition of itotal. As a result, the 

optimal locus of itotal to exactly meet both the amplitude and the phase conditions can 

be plotted as the bolded curve in Fig. 5.11. At the edge of the locking range, if itotal 

locates in the left region of the optimal locus, the divider has excess phase but 

insufficient amplitude condition to achieve larger operation range with the required 

output swing. If itotal locates in the right region of the optimal locus, the divider has 

enough amplitude but insufficient phase condition to achieve larger locking range.  

For conventional MDs, the itotal locus falls in the insufficient amplitude region in 

Fig. 5.11. To improve the divider’s output amplitude, |ib| needs to be increased at the 

expense of larger biasing current or larger input swing. On the other hand, by 

introducing ic, the current-bleeding can effectively improve the amplitude condition 

and optimize the locking range of MD. If the bleeding current is too much, the MD 

actually would work similarly as conventional ILFD, and the locking range would be 

limited by the insufficient phase condition. It is interesting to note that for ILFDs, 

because of the single-end input, the coefficient N in front of |ib| is equal to 1, while 

for MDs, the radius of the locus circle is doubled as 2|ib| (N=2) due to the differential 

input, which indicates ILFD has a smaller achievable locking range compared to the 

current-bleeding MD. 

 Without loss of generality, the injected ac current iinj(2ω) can be expressed as 

      t2cosI)2(i injinj ω=ω                             (5.1) 

with an initial phase of zero. Similarly, the output voltage vo(ω) can be defined as 

)tcos(V)(v oo ϕ+ω=ω                            (5.2) 

where φ is the phase of vo(ω). 
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Assuming that the output amplitude Vo is large enough to make the transistors 

M2-3 in Fig. 5.7 or M3-6 in Fig. 5.10 operate as hard switches, and the offset frequency 

|∆ω| (∆ω=ω–ω0) is small compared to ω0, the total current injected into the LC-tank 

itotal(ω) can be derived as 

⎭
⎬
⎫

⎩
⎨
⎧

−+
ηπ

=ω ϕϕ−ϕ+ω )e
6
Ne

2
N1(eI4Re )(i 2j2j)t(j

injtotal            (5.3) 

where η is the effective current injection ratio, defined as Iinj/IDC,effective (IDC,effective is 

equal to IDC–Ibleed for ILFD, and Ibleed for MD). The amplitude and phase conditions 

as discussed above can be derived and simplified to an inequality and an equation, 

respectively, as below 

min,oinj V)2cos
3
N1(RI4

≥ϕ+
ηπ

                    (5.4a) 

ϕη+
ϕηω

−=ωΔ
2cosN3

2sin2
Q

0                         (5.4b) 

where Q is the tank’s quality factor, equal to R/(ωL). 

 By solving cos2φ from Eq. (5.4b) and putting it back into the inequality (5.4a), it 

can be shown that when cos2φ=0, the maximum lock range (LRmax) can be achieved, 

as 

min,o

inj0
max V

RI
Q3

N8||2LR ω
π

=ωΔ=                      (5.5) 

Intuitively, the vector “Nib” in Fig. 5.11 is composed by two vectors expressed by the 

terms of “(N/2)e–j2φ” and “–(N/6)ej2φ” in Eq. (5.3). With φ changing, the locus of “Nib” 

is more like an ellipse instead of a circle as plotted in Fig. 5.11. When cos2φ=0, 2φ= 

±π/2, the two vectors expressed by the terms of “(N/2)e–j2φ” and “–(N/3)ej2φ” in Eq. 

(5.3) are exactly in phase and thereby N|ib| is maximized. With the vector “Nib” in 

vertical with a proper “ic1”, the composed vector “itotal1” is able to reach the highest 



Chapter 5  Wide-Band Frequency Dividers 

84 

 

point of the optimal locus. As a result, the locking range of the divider can be 

maximized.  

The optimal IDC,effective can be derived as  

R
V

4
I min,o

opt,DC
π

=                               (5.6) 

Interestingly, the expression of IDC,opt is independent of the magnitude of the 

injected ac current Iinj. Moreover, it is exactly the same as the expression for the bias 

current of a LC-oscillator to obtain a given output amplitude of Vo,min. 

To verify the analysis results, an LC-tank is designed with ω0 equal to 3.7GHz for 

an ILFD. Under different values of Iinj, the bias current IDC.effective is varied to find out 

the optimal biasing current IDC,opt such that the divider’s locking range is maximized 

and at the same time the output amplitude is no less than Vo,min.  

 
 

Fig. 5.12 Calculated and simulated LRmax of an optimized 7GHz ILFD 

Fig. 5.12 shows the calculated, the simulated maximum and the simulated 

semi-maximum locking ranges using a 0.13μm CMOS process. The simulated 

maximum LR is obtained with adaptively tuning IDC,opt, and the simulated 
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semi-maximum LR is obtained with a fixed IDC,opt wherein the self-oscillation 

amplitude of the divider is equal to Vo,min. Fig. 5.12 shows that the calculated LRmax 

using Eq. (5.5) can agree well with the simulated results, especially when the ILFD’s 

output amplitude is large and the switching transistors operate more like hard 

switches. The locking range obtained with the fixed IDC,opt is very close to the one with 

adaptive IDC,opt. 

A current-bleeding MD is also designed and simulated with higher input 

frequencies around 60GHz. When ideal switches are used as transistors M3-6 in Fig. 

5.10, the simulated LRmax and Ibleed,opt (or IDC,opt) are accurately predicted by Eqs. (5.5) 

and (5.6), respectively. However, in transistor-level simulations, the results do not 

agree as well because the assumption that the transistors M3-6 operating as hard 

switches is not quite valid when the operation frequency is very high and approaching 

close to transistor’s cut-off frequency ωT. Nevertheless, an extra coefficient Γ can be 

added into Eq. (5.5) to model how far away the operation of the transistors M3-6 is from 

hard switching. As such, Eq. (5.5) can be rewritten as 

min,o

inj0
max V

RI
Q3

N8LR ω
Γ

π
=                         (5.7) 

where Γ is close to 1 when the operation frequency is well below ωT and decreases 

with increasing operation frequency. 

Fig. 5.13 shows the simulated locking range as a function of Ibleed. When Ibleed is 

increased from zero to Idc, at the beginning because the amplitude condition is 

improved, the locking range is increased. When Ibleed gets larger than a certain value, 

the phase condition becomes degraded and eventually limits the operation of the MD. 

Consequently, the locking range becomes decreased with increasing Ibleed. To achieve 

maximum locking range at different Iinj, Ibleed can be simply designed to be fixed at 
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Ibleed,opt as plotted in Fig. 5.13, and Ibleed,opt can be easily designed so as to make the 

divider’s self-oscillation amplitude equal to Vo,min. 

 
 

Fig. 5.13 Simulated locking range versus Ibleed 

 
 

Fig. 5.14 Calculated and simulated LRmax of the proposed MD 

Fig. 5.14 shows the calculated, the simulated maximum and the simulated 

semi-maximum locking ranges, where Γ is equal to 0.5 for the used 0.13μm CMOS 

process when the MD’s input frequency is around 60GHz. It can be seen that the 

calculated LRmax using Eq. (5.7) can well predict the simulated results especially when 
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injection ratio η is small, and that the locking range obtained with the fixed Ibleed,opt is 

close to the one with adaptive Ibleed,opt. 

Putting Eq. (5.6) into Eq. (5.5), the LRmax of the current-bleeding MD can be 

rewritten as 

η
ω

=
Q3

4LR 0
max                              (5.8) 

which is double of the ILFD’s locking range as derived in [61], showing that with 

optimal current bleeding, the differential-input MD can indeed achieve much larger 

locking range compared to the single-ended-input ILFD. 

From the amplitude and phase conditions (5.4a) and (5.4b), the locking range of 

the conventional MD can be also obtained by using η ∞, as 

1)
V

RI
3
8(

Q
2LR 2

min,o

inj0
MD.conv −

π
ω

=                    (5.9) 

in which the term (8IinjR)/(3πVo,min) needs to be larger than unity. Comparing Eq. (5.9) 

with Eq. (5.5), it can be seen that the bleeding technique can provide significant 

locking range improvement, especially at high operation frequencies when R is so 

small that the term (8IinjR)/(3πVo,min) is comparable to 1 and the locking range of the 

conventional MD approaches zero. 

5.4.2 Design Considerations for Maximum Locking Range 

 The expression of the maximum locking range, Eq. (5.7), can be rewritten in 

percentage, as 

100
C
L

V
I

3
N8[%]LR

min,o

inj
max ×Γ

π
=                     (5.10) 

 Eq. (5.10) reveals lots of information about the maximum achievable locking 

range of LC-based frequency dividers, with the optimal current bleeding. 
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1. LRmax[%] is proportional to the number of properly injected (ac) current signals 

(here “properly” means the induced current ib by the number of injected (ac) 

signals needs to be in phase), thereby, differential input MD has 2x LRmax[%] 

than single-end input ILFD. 

2. LRmax[%] is proportional to the switching coefficient “Γ”. At higher operation 

frequency ω, for devices under given technology, because Γ is lower, achievable 

LRmax[%] is smaller. 

3. LRmax[%] is proportional to the strength of injected (ac) current signal, so the 

current-reusing technique helps further improve the locking range of the 

proposed ILFD. 

4. LRmax[%] is inversely proportional to the required minimum output amplitude of 

the divider. This is true because the output amplitude Vo or the amplitude 

condition can be always traded off for phase condition, thereby, the locking 

range can be improved. It must be noticed that this conclusion is only true when 

the open loop gain is larger than 1, which is the gain condition. Also, when Vo is 

not sufficiently large, as the transistors operate further away from 

“hard-switching”, Γ would decrease. 

5. LRmax[%] is proportional to sqrt(L/C), so at given ω, it is beneficial to minimize 

C and maximize L. 

6. LRmax[%] is not related to tank’s Q. This is because at higher tank’s Q, although 

the required phase shift needs to be larger to achieve a given locking range, 

because the tank impedance is also larger, the effective DC biasing current 

IDC,effective can be reduced for a given divider’s output amplitude, thereby, the 

injection ratio η can be improved, and thus the provided phase shift is larger, as a 

result, LRmax[%] stays the same with current bleeding technique to optimize the 
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divider’s operation. To verify this conclusion, the maximum locking ranges of 

the 7GHz input ILFD are simulated at different values of the tank Qs. As shown 

in Fig. 5.15, at Iinj of 0.5mA, 1mA or 1.5mA, the maximum locking range is 

almost unchanged when the tank Q varies from 3 to 8. And the simulated LRmax 

is consistent with the calculated value especially when the LR is not large so that 

the “narrow band” assumption made at the beginning of the analysis is true. It 

can be seen that, the conventional method to improve the locking range of ILFD 

through decreasing the tank Q, is not wise because by doing so, the output swing 

of the ILFD is sacrificed. For the output swing constrained locking range 

optimization, the achievable LRmax is actually independent of the tank Q. 

 
 

Fig. 5.15 Calculated and simulated LRmax of the 7GHz ILFD at different tank’s Q. 

 

5.5 Experimental Results 

5.5.1 7GHz and 60GHz CR-ILFDs 

Two dividers with the same topology shown in Fig. 5.7(c) are designed and 

fabricated in 0.13μm CMOS process (Vth,n ≈ 0.4V, |Vth,p| ≈ 0.3V). The first divider is 
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designed to operate around 7GHz, in which the transistors M3 and M4 are biased in 

Class-AB mode to provide the required bias current with small W/L sizes. The shunted 

dc current through M4 is designed as large as possible to maximize the 

trans-conductance of M4 while leaving enough dc current through M1 and M2 for the 

divider’s self-oscillation, which is necessary to guarantee the ILFD to operate with a 

lower power compared to that of a Miller divider. To further demonstrate the 

feasibility of the proposed technique for wide range of frequencies and applications, a 

second divider is designed to operate around 60GHz. Fig. 5.16 shows the die 

photographs of the two proposed ILFDs, which occupy active area of 0.033mm2 and 

0.0165mm2, respectively. 

  

Fig. 5.16 Die photographs of the CR-ILFDs 

Fig. 5.17 shows the measured input sensitivity curves of the 7GHz ILFD under 

different bias conditions. Operated with a 1.1mA current from a 0.8V supply voltage 

and a 0dBm input signal, the divider measures a locking range of 12.8% from 

6.65GHz to 7.56GHz when the PMOS is turned off. A much improved locking range 

of 33.6% from 6.02GHz to 8.45GHz is measured when the PMOS is turned on. As the 
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supply voltage is increased to 1.2V, the divider measures locking ranges of 14.6% 

from 6.52GHz to 7.55GHz and of 45.2% from 5.45GHz to 8.63GHz when the PMOS 

is disabled and enabled, respectively. When the input power is 6dBm and the supply 

voltage is 1.2V, the maximum locking range with the PMOS enabled is up to 50%, 

which is about three times larger than that without the PMOS.  

 

 

Fig. 5.17 Measured sensitive curves and locking ranges of the 7GHz ILFD under 

different bias conditions. 

Fig. 5.18 shows measured input sensitivity curves of the 60-GHz ILFD. The 

divider draws only 2mA from a 0.8V supply voltage. With 0dBm input power, the 
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divider measures a locking range of 6.5% from 59.93GHz to 63.97GHz with the 

PMOS disabled. When the PMOS is enabled, the divider’s locking range is extended 

to 11.6% from 59.6GHz to 66.96GHz. The improvement in the locking range for the 

60-GHz divider is smaller as compared to that of the 7-GHz divider because the 

parasitic capacitance contributed by the PMOS becomes more significant at higher 

input frequencies. Inductive peaking could be applied to cancel the parasitic 

capacitance and improve the locking range further at the expense of larger chip area. 

 

 

Fig. 5.18 Measured sensitive curves and locking ranges of the 60-GHz ILFD under 

different bias conditions. 
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5.5.2 60GHz CB-MD 

The current-bleeding MD shown in Fig. 5.10 is also designed and fabricated in the 

0.13μm CMOS process. For testing purpose, a transformer T1 is employed as an 

on-chip balun to convert single-ended input signal to differential signals for the divider. 

Fig. 5.19 shows the die-photo of the Miller divider, which occupies an active area of 

0.007mm2.  

 

Fig. 5.19 Die photograph of the Miller divider 

 

 

Fig. 5.20 Measured sensitive curves of CB-MD w/ and w/o the current bleeding 
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Fig. 5.20 shows the measured input sensitivity curves. At a 0.8V supply voltage 

and with 0dBm input power, the divider measures a locking range of from 56.7GHz to 

71.6GHz with the current-bleeding enabled. When the input power is further increased, 

the minimum operation frequency is measured to be 55GHz while the maximum 

frequency cannot be measured due to the limitation of testing equipment. For 

comparison purpose, the current-bleeding is disabled by turning off the transistor M7, 

and the divider fails to function for input power less than 0dBm. For 0dBm input 

power, the divider with the current bleeding disabled can only achieve a narrow 

locking range from 62.4GHz to 65GHz.  

Fig. 5.21 plots the measured locking range and corresponding power consumption 

of the divider for different input powers. With input power of 0dBm, the divider 

measures locking ranges of 23.2% and 4.1% with the current-bleeding enabled and 

disabled, respectively, while consuming the same power of 5mW. 

 

 

Fig. 5.21 Measured locking range and power consumption of the Miller divider 
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Table 5.1 summarizes the measured performance of the proposed ILFDs and MD 

and compares with that of the reported state-of-the-art wide-locking-range dividers.  

 

Table 5.1 Performance summary and comparison of high frequency dividers 

Ref. Technology 
Freq. 

[GHz] 

Input 

Power

[dBm]

Locking 

range 

[GHz]/[%]

Supply

Voltage

[V] 

Power 

consumption 

[mW] 

FOM2 

[65] 
65nm SOI 

CMOS 
91 0 10/11.0 2.2 52.4 0.19 

[66] 
65nm SOI 

CMOS 
85 -5 18.4/21.6 2.4 64.9 0.28 

[56] 90nm CMOS 20 4 5.1/25.5 1.2 3.21 1.6 

[57] 90nm CMOS 57 0 7.4/13.0 - 2.51 3.0 

[59] 0.18μm CMOS 40 0 10.6/26.5 1.0 6 1.8 

[60] 90nm CMOS 90 0 11/12.2 1.2 3.5 3.1 

1st ILFD 0.13μm CMOS 7 0 2.4/34.3 0.8 0.9 2.7 

2nd ILFD 0.13μm CMOS 63 0 7.4/11.7 0.8 1.6 4.6 

Miller 

Divider 
0.13μm CMOS 64 0 14.9/23.2 0.8 5 3.0 

1. Half of the power reported for the quadrature-output divider 

2. FOM=Locking range [GHz] / Power consumption [mW] 
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Chapter 6 

Frequency Synthesis for 14-Band OFDM UWB 

 

6.1 Introduction 

 FCC defines any radio technology that occupies spectrum more than 20 

percentages of the carrier frequency or above a minimum value of 500MHz, to be 

ultra wideband (UWB). An unlicensed band from 3.1GHz to 10.6GHz is allocated by 

FCC for different UWB applications. There are two popular approaches that can be 

made use of to implement a UWB radio. One is called impulse radio technique based 

on single carrier. It transmits signals by modulating the phase of a very narrow pulse. 

This approach simplifies the transmitter design but suffers several disadvantages. At 

first, it is difficult to generate Giga-Hert bandwidth narrow impulse signals that 

efficiently fit the spectrum mask required by FCC. Secondly, the short time duration 

makes the receiver’s signal processing very sensitive to timing jitter and group delay 

of the front end circuits. And the spectrum resources are quite wasted for this 

approach in order to avoid the narrow band interference with other existing narrow 

band systems [67]. Another UWB approach is the multi-carrier radio technique. It 

transmits OFDM signals simultaneously over multiple carriers spaced apart at 

precise frequencies. This approach has better spectrum flexibility and is less sensitive 

to RF interference and multi-path effects [67]. Moreover, since OFDM modulations 

are widely used by many other wireless standards, the MB-OFDM UWB approach is 

more compatible and more suitable to be integrated in SDRs. 

 Table 6.1 provides physical band allocations of the MB-OFDM UWB standard. 



Chapter 6  Frequency Synthesis for 14-Band OFDM UWB 

97 

 

To support the UWB communications, the SDR FGS needs to generate 14 carrier 

frequencies from 3432MHz to 10296MHz with 528MHz spacing. And to support the 

time-frequency interleaving coding applied in the standard, the generated carrier 

frequency needs to hop fast from one to another within 9.47nS. 

Table 6.1 Physical band allocations of MB-OFDM UWB standard 

 

 The stringent frequency hopping time requirement limits the 14-band carrier 

frequencies to be synthesized in an open-loop manner. Intensive research works have 

been done to optimize the architecture of MB-OFDM UWB frequency synthesizers 

[68][69][70][71], however, the most efficient synthesizer reported so far still requires 

3 groups of IQ single sideband (SSB) mixers with inductive loading for each SSB 

mixer to filter out the spurious tones due to the mixing [47], the resulted chip area is 

quite large, which makes it difficult to integrate the UWB part into the SDR 

synthesizer. In this chapter, new circuit techniques are presented, including a 

reconfigurable injection-locking based frequency multiplier, and transformer-based 

single-coil 3GHz-to-10GHz tunable narrow-band LC-tank for SSB mixers. Only 2 

extra inductive coils are required to include the 14-band MB-OFDM UWB 
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functionality in the SDR FGS. Fig. 6.1 shows the architecture of the 14-band UWB 

synthesizer integrated into the SDR FGS. The 14 carrier frequencies of MB-OFDM 

UWB are generated by SSB mixing the center frequency 4224/8448MHz with the 

offset frequency 264/792/1320/1848MHz. An x3/x5/x7 multi-modulus injection 

locked frequency multiplier (ILFM) is used to generate all the offset frequencies 

instead of using SSB mixers, to avoid the need of cascading several SSB mixers, 

which would not only be susceptible to spur and complicated for IQ generation but 

also consume high power consumption. In such a scheme, the divider chain can be 

reused in the UWB mode, providing all the required frequencies for the UWB carrier 

synthesis.  

 

Fig. 6.1 Frequency scheme of 14-band MB-OFDM UWB carrier generation 

 All the generated IQ signals from Mux-A, divider-B to divider-G and SSB 

mixers are combined through Mux-B, and the final output signals are selectable from 

47MHz to 10GHz. Fig. 6.2 shows the Mux-B circuit, to reduce the cross-talk 

between building blocks operating at different frequencies, each element of Mux-B 
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needs to be placed as close as possible to the previous circuit stage, also by doing so, 

the long lines for signal combining can run in current mode, resulting less power loss 

compared to the one in voltage mode. As a result, Mux-B is distributed in nature. 

Cascode circuitry is used to improve the isolation, post-simulations show that the 

typical isolation value is around 40dB. To achieve better isolation, all the frequency 

dividers that are not required in a given standard mode can be turned-off completely. 

For most of the standards, because those dividers operating at lower frequency than 

the wanted carrier frequency are turned off, the unwanted interfering signals are all at 

the harmonic frequencies. Except for the “UWB” mode, almost all the dividers have 

to be turned on. Therefore, special techniques including guard ring and ground 

shielding are implemented for the associated circuit layout. 

 

Fig. 6.2 Schematic of Mux-B 

 

6.2 QIQO x3/x5/x7 ILFM 

6.2.1 Proposed QIQO x3/x5/x7 ILFM 
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Fig. 6.3 shows the schematic of the ILFM. The input IQ sinusoidal signals are 

converted into narrow pulse signals with rich harmonics and then injected into a ring 

oscillator (RO) to lock its oscillation frequency to the harmonic of the input frequency 

that is closest to the RO’s self-oscillation frequency.  

 

Fig. 6.3 Schematic of x3/x5/x7 QIQO injection-locked frequency multiplier 

It can be shown that the RO tends to select the harmonics having consistent phase 

sequence with its natural phase sequence. For example, when the RO self-oscillates at 

around 5 times of the input frequency fin, only the two injection cells at the top are 

enabled, the current iinj_A’ and iinj_B’ are injected into the RO from Nodes A and B, 

respectively. For the internal current of the RO, iint_A at Node A leads iint_B at Node B. 

For the injected current, the 1st, 5th, and 9th harmonics at Node A also lead those at 

Node B. On the other hand, the 3rd and 7th harmonics at Node A lag those at Node B. 

As a result, the RO is injection locked to 5fin, and the injected 3rd and 7th harmonic 

tones are greatly suppressed by the RO due to the contradicted phase sequence. 

Moreover, all the even harmonic tones are cancelled out by the differential operation 
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while all other tones are far enough to be filtered out by the RO. Consequently, only a 

clean tone at 5fin exists at the output of the ILFM. The multiplication ratio 3/5/7 of the 

ILFM is selected by controlling the biasing current Isense and Ilatch of the delay cells, as 

well as enabling and disabling the appropriate injection cells to inject the currents with 

proper phase sequence. 

6.2.2 Experimental Results 

The measured spectrums at the ILFM’s output with multiplication ratio being 5 

are shown in Fig. 6.4, from which the 3rd and 7th harmonics of the input signals are 

indeed rejected as expected. The largest spurs are the 1st and 9th harmonics, which are 

more than 30dB lower than the desired tone. For comparison, signals with the reversed 

phase sequence are intentionally injected, in which case the 3rd and 7th harmonics 

become much larger with the 3rd harmonic suppression being only 13dBc. 

 

Fig. 6.4 Measured output spectrum of the x3/x5/x7 ILFM 

The performance of the QIOQ x3/x5/x7 ILFM is summarized in Table 6.2. 
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Table 6.2 The performance summary of the QIQO x3/x5/x7 ILFM 

Mode 
Biasing Current Locking 

Range 
Power Spur Hopping Time 

Isense Ilatch 

x3 30uA 50uA 43% 6~8 mW 

(including 

Mux-C) 

< -30dBc < 3nS x5 50uA 40uA 41% 

x7 70uA 20uA 30% 

 

6.3 3GHz-to-10GHz Single Sideband Mixer 

6.3.1 3GHz-to-10GHz Wideband Loading 

Fig. 6.5 shows the schematic of the single side-band (SSB) mixer, where the 

shunt peaking technique is used to enhance the bandwidth of the load impedance. 

The high frequency input signals are applied at the gates of the bottom transistors as 

the RF input. While the lower frequency signals are used to switching the upper 

transistors as the LO input. Fig. 6.6 gives the input phase sequence diagram of two 

SSB mixers with IQ outputs. It can be seen that the outputs of the IQ SSB mixers can 

be easily selected to be upper sideband or lower sideband by simply controlling the 

polarity of quadrature-phase LO signals to be plus or minus. 

 

Fig. 6.5 Single sideband mixer with wide-band loading 
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Fig. 6.6 Input phase sequence of IQ SSB Mixers 

 

6.3.2 Proposed 3GHz-to-10GHz Narrow-Band Single-Coil LC-Tank 

Although it is convenient to design the shunt peaking wideband load, there is no 

filtering effect on the spurious tones at the SSB mixer’s output. In order to achieve a 

cleaner spectrum at the mixer’s output, a tunable narrow band load can be used 

instead. This can be done by tuning both of the two peak frequencies in the 

transformer-based high-order LC tank. 

Fig. 6.7 shows the schematic of the SSB mixer with the transformer-based 

narrow band tunable loading. As discussed in Chapter 4, for the transformer-based 

LC tank’s impedance Z22 seen from the secondary coil, the higher frequency peak 

would dominate when the notch-peak cancellation condition is fulfilled. On the other 

hand, if the frequency ratio ω2/ω1 is not sufficiently large or the coupling coefficient 

k is high, the lower frequency peak becomes dominant. Based on this property, a 

transformer with tight coupling is designed, and by controlling the capacitive ratio, 
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the lower frequency peak or the higher frequency peak can be selected to be 

dominant and utilized as the loading impedance. To further extend the tuning range, a 

third capacitor is added inter-between the two inductors, which builds a path to make 

L1 in parallel with L2, if C3 is increased, the effective L1 is also increased, as a result, 

the higher peak frequency is decreased. 

 

Fig. 6.7 Single sideband mixer with tunable narrow-band loading 

 Fig. 6.8 shows the frequency tuning response of the transformer-based narrow 

band LC tank in the post-layout simulations. For clarity, the other unwanted peak is 

not shown. The desired peak can be tuned from 3.4GHz to 11GHz, fully covering the 

required range for all 14-band carrier frequency. And by adaptively tuning the current 

source of the cross-coupling pair in Fig. 6.7, the peak impedance can be compensated 

to be larger than 300 Ohm. 

 Since there coexisting two peaks, it is important to properly allocate the 

unwanted peak such that spurious tone does not fall into the unwanted peak. The 

image tone due to the IQ mismatch is 2fLO away from the desired signal, which is 
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typically too close-by to be in the unwanted peak. However, the spur due to the 

harmonic mixing can be 4fLO from the desired frequency, and if the mixer operates 

closely to hard-switching, this spurious tone could be only 9.5dB lower compared to 

the desired tone, which is significantly large. Therefore in the mixer design, the 

harmonic mixing spur is reduced by controlling the unwanted peak frequency to not 

to overlap with the spurious frequency, and also by intentionally operating the switch 

more softly at the expense of reduced conversion gain. 

 

Fig. 6.8 Frequency tuning response of the transformer-based LC-tank 

  

6.3.3 Experimental Results 

 In the measurement, the desired peak frequency of the proposed tunable 

narrow-band LC-tank is verified by providing sufficient biasing current for the 

cross-coupled pair to make the resonator oscillate. The measured tuning range is 

from 3.3GHz to 10.5GHz, which is very close to the post-simulation results.  
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Fig. 6.9 Measured MB-OFDM synthesizer’s output spectrum with wide-band loading 

SSB mixer and tunable narrow-band loading SSB mixer 

 Fig. 6.9 shows the measured spectrums of the MB-OFDM UWB synthesizer 
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integrated in the SDR FSG. It can be clearly seen that the proposed narrow band 

tuning technique improves the spectrum purity significantly. Without narrow band 

filtering, the spur is mainly contributed by the harmonic mixing tones, while with the 

narrow-band loading, because the far-away spurs are greatly filtered out, the SFDR is 

mainly dominated by the near-by tones, which is contributed by the ILFM. 

Fig. 6.10 summarizes and compares the spur rejection performance of UWB 

synthesizers employing the two kinds of SSB mixers. With the wideband loading 

SSB mixers, the maximum spurious tone varies from -15dBc to -28.1dBc. With the 

proposed single coil tunable narrow-band LC-tank, the synthesizer achieves spur 

rejection from 31.3dB to 41.5dB at the 14-band carrier frequencies spanning from 

3.432GHz to 10.296GHz.  

 

Fig. 6.10 Spur rejections of MB-OFDM UWB synthesizers using wideband SSB 

mixer and narrow-band SSB mixer 

 From Fig. 6.10 it is observed that two curves do not follow closely to each other, 

and the spur rejection improvement by the narrow band filtering varies at different 

frequencies. The absolute improvement value is determined by two factors. The first 
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one is the frequency location of the most dominant spur. And the second one is the 

tank Q or the shaping quality of the transformer based LC tank at the desired peak 

frequency. For the designed transformer-based LC tank, to make use of the lower 

frequency peak, all the switched capacitors at the secondary coil needs to be tuned on 

to suppress the higher frequency peak, and the lower frequency peak is tunable from 

3.4GHz to 5GHz with adjusting the SCA at the primary coil. While to make use of 

the higher frequency peak, all the switched capacitors at the primary coil needs to be 

tuned on to suppress the lower frequency peak, and the higher frequency peak is 

tunable from 6GHz to 10.5GHz with adjusting both the SCA at the secondary coil 

and the SCA between the primary coil and the secondary coil. To cover the 

frequency band around 5.5GHz, not only the SCA at the primary coil but also the 

SCA at secondary coil need to be turned off, to increase the lower peak frequency to 

5.5GHz. However, the tank Q at this frequency band is degraded compared to that at 

the other frequency bands. As a result, at the frequency around 5.5GHz, because the 

most dominant spur is only 264MHz from the desired signal, LC tank cannot filter 

the spur much. And also because the tank Q is relatively lower as discussed above, 

the spur rejection is least significantly improved at this frequency as shown in Fig. 

6.10. 
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Chapter 7 

Millimeter-Wave Frequency Generation 

 

7.1 Challenges of VCO at Millimeter-Wave Frequency 

The scaling of the CMOS technology makes it possible to integrate the VCOs at 

MM-Wave frequency on chip [72]. But the design of VCOs also becomes much more 

challenging when the operation frequency is increased from several GHz to tens of 

GHz. 

Firstly, the start-up condition of the MM-Wave oscillator becomes worse. This is 

because with a given process, as the total parasitic capacitance contributed from the 

transistors and running lines is typically fixed at certain level. In order to increase the 

oscillation to tens of GHz, the inductor of the MM-Wave VCO needs to be much 

scaled compared to the RF VCO. Consequently, the impedance of the LC tank is much 

reduced. As a result, much larger power and larger transistor size need to be used to 

make the VCO oscillate. The latter would further increase the parasitic capacitance. 

Secondly, as the frequency increases, the Q of the capacitor becomes worse and it 

is turned out that at 60GHz, the capacitor’s Q dominates the total Q of the LC tank. 

This results the difficulty of the frequency tuning for MM-Wave VCOs. As for the RF 

VCOs, the fine and coarse frequency tuning are done by tuning varactors and 

switching capacitors, respectively. However, at MM-Wave frequency, in order to make 

the Q of the switched capacitor reasonable, the switch needs to be significantly large to 

minimize the turn-on resistance, consequently, when the switch is turned off, the 

parasitic capacitance of the switch becomes close to the switch capacitance, which 
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results the effective capacitance does not change when the switch is turned on or off. 

Consequently, only varactor-tuning is a feasible method at MM-Wave frequency. 

Thirdly, compared to the RF VCOs, the spectrum purity of MMW VCOs are much 

degraded due to the inferior Q of the varactors at high frequencies and the serious 

AM-PM noise transformation caused by the large VCO gain on the order of GHz/V 

[73]. Moreover, the serious trade-off between varactor’s tuning ratio and Q [74] and 

the reduced supply voltage in deep sub-micron CMOS technologies make the 

varactor-tuning method less effective for MMW VCOs. 

Fourthly, at MMW the IQ generation manner through frequency dividing 

becomes not desirable, because the expense of the doubling the VCO’s operation 

frequency is too much and high frequency dividers are also very challenging to 

design with sufficient locking range to cover the VCO’s tuning range. Thereby, 

MMW VCOs are preferred to generate multiphase output signals in order to support 

in-phase and quadrature-phase (IQ) modulation and demodulation in modern wireless 

transceivers. In addition, phase arrays turn out to be the direction of the MMW radios, 

for achieving longer communication distance and higher data rate, and more phase 

LO signals are required for these applications [75]. Besides, multiple phase LO 

signals are also wanted for the half-rate clock-and-data recovery (CDR) in high speed 

wire-line systems [76]. 

Lastly, in general, the device model provided from the foundry doesn’t go up to 

tens of GHz, which makes it difficult to accurately design and predict the circuit. 

 

7.2 Proposed Phase Tuning (PT) Technique 

To improve the performance of oscillators at MMW frequencies, in this section 
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an interpolative-phase-tuning (IPT) technique will be introduced, to tune the 

frequency of multiphase MMW LC-based ring oscillators without using varactors. 

7.2.1 Varactor-Less 8-Phase Output PT CCO 

 
 

Fig. 7.1 Conventional 4-stage LC ring oscillator and the frequency responses of the LC 

tank with: (a) ideal parallel LC tank, (b) QL dominating tank’s Q, and (c) significant 

phase delay due to the transconductor. 

Fig. 7.1(a) shows the schematic of a conventional 4-stage LC-based ring oscillator. 

To ensure stable oscillation, the voltage gain of each stage needs to be larger than 1, 

and the phase shift provided by each stage, which is induced by the LC tank, has to be 

π/4 + (π/2)*N. If a second-order LC tank is used in each stage, N can be either 0 or -1. 

For an ideal parallel LC tank with symmetrical magnitude and phase responses at 

frequencies ωhigh and ωlow, as shown in Fig. 7.1(a), where ωhigh> ω0>ωlow with ω0 being 
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the peak frequency of the LC tank, the tank can provide the required phase shift -π/4 

and π/4 with the same magnitude. Thus, the oscillator can possibly operate at both 

frequencies. In practice, the oscillator would preferably operate at one frequency 

rather than the other, because of two effects. At radio frequencies below 10GHz, the 

integrated inductor typically limits the tank’s Q, and the phase shift of the LC tank at 

ω0 is actually none zero as shown in Fig. 7.1(b). Consequently, the oscillator tends to 

operate at ωhigh with larger tank impedance [49]. At higher frequencies, in the MMW 

range, the tank capacitor’s Q becomes much smaller, and it is possible that QL>QC. 

Nevertheless, the non-ideal transconductor devices could introduce significant 

negative phase shift ∆θ when the operation frequency is close to the cut-off frequency 

ωT of the transistors. As a result, as shown in Fig. 7.1(c), the required phase shift of the 

LC tank becomes ±π/4-∆θ. It is still typically true that |Z(ωhigh)|>|Z(ωlow)| and the 

circuit would still prefer to oscillate at ωhigh. 

On the other hand, this interesting phase relationship indicates that extra phase 

shift ∆θ can be placed in the Gm cell to change the required phase shift θ provided by 

the LC-tank and thus the oscillation frequency. As shown in Fig. 7.2(a), the total phase 

shift φ including the intrinsic device phase shift ∆θ is added in front of the 

transconductor. Based on the phase condition, each stage needs to provide a total phase 

shift of φ + θ = π/4+ (π/2)*N. As plotted in the frequency response of the LC tank with 

assumption of symmetry for simplicity, if φ is a negative value close to zero, θ needs to 

be close to -π/4, and the oscillator would operate around the highest frequency ωhigh. If 

φ= -π/4, the LC tank doesn’t need to provide any phase shift, and the oscillator would 

oscillate at the peak frequency of the LC tank. When φ is reduced and approaches -π/2, 

θ tends to increase to π/4, and the oscillation occurs at the minimum frequency limit 

ωlow. If φ is further reduced, the oscillator will oscillate again around ωhigh where the 
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tank impedance is larger. 

 
 

Fig. 7.2 Proposed 4-stage LC ring oscillators with: (a) tunable phase shift, (b) 

interpolative phase tuning at each stage. 

The actual implementation of the proposed interpolative-phase-tuning scheme to 

tune the phase shift φ and thus the oscillation frequency is shown in Fig. 7.2(b). A 

fixed phase shift β is used to introduce a delayed current i1 via M3 and M4, which is 

interpolated with the un-delayed current i0 provided by M1 and M2. By controlling the 

biasing DC current I0 and I1, the delay of the total current it can be tuned from 0 to β. 

Taking into account the intrinsic phase shift of the transistors, β can be designed as 

-π/2-∆θM3/4 to obtain a maximum monotonous frequency tuning range. At high 

frequencies, the phase shift β can be simply implemented by another LC-based 
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differential stage, where the inductance L1 is designed to be much larger than L0 to 

make β close to -π/2. The resistor Rde-Q is added in parallel with the tank to flatten the 

magnitude response of the differential stage and reduce the variation of β within the 

tuning range. 

7.2.2 Varactor-Less 4-Phase Output PT CCO 

 
 

Fig. 7.3 2-stage LC ring oscillators: (a) conventional Q-CCO, (b) IPT Q-CCO. 

The IPT technique can be also applied to tune the oscillation frequency of 

quadrature CCOs (Q-CCOs). Fig. 7.3(a) shows the schematic of the conventional 

2-stage ring Q-CCO. As there are only two stages in the ring, each stage needs to 

provide a phase shift of +π/2 or -π/2. As shown in the phasor diagram of the current 

flowing into the LC tank, the current i0 provided by M1 and M2 is combined with the 

current i1 provided by the cross-coupled pair M3 and M4 to generate a total current it 
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with a phase shift φ. Since the absolute value of the phase shift φ is smaller than π/2, 

the LC tank needs to provide an additional phase shift θ to satisfy the phase condition. 

As a result, the conventional Q-CCO cannot operate at the peak frequency of the LC 

tank. Because of the asymmetrical frequency response of the LC tank and the phase 

shift due to the transistors, in general the Q-CCO would prefer to oscillate at the 

frequencies higher than the peak frequency of the LC tank. Consequently, if i0 is 

increased by increasing the biasing current I0, the phase shift |φ| would be reduced, and 

the LC tank needs to provide more negative phase shift θ, which would increase the 

oscillation frequency of the Q-CCO. The lower boundary of the frequency tuning is 

limited by IQ phase error while the upper boundary is limited by the phase noise 

performance. 

Based on the same phase-tuning concept, a novel Q-CCO can be built as shown in 

Fig. 7.3(b). Two fixed phase shifts β1 and β2 are introduced into each Gm cell. From 

the current phasor diagram, it can be seen that the phase shift φ provided by each Gm 

cell can be controlled from β1 to β1+β2. To satisfy the phase condition, the phase shift 

provided by the LC tank needs to vary from -π/2-β1 to -π/2-(β1+β2) assuming β1 and β2 

are negative, and thus the oscillation frequency would decrease accordingly. 

Assuming that the LC tank has symmetric frequency response for simplicity, β1 should 

be designed as (-π/2-β2/2) to achieve a frequency tuning range symmetrically and 

optimally around the peak frequency of the tank with the maximum tank Q. On the 

other hand, β2 determines the actual tuning range and can be ideally designed to be 

close to (-π/2-∆θM3/4) with β1=0. Ideally, an infinitely large tuning range could be 

obtained if the gain condition is not a problem. In practice, |β2| is limited by the power 

budget as well as the phase noise performance. As |β2| becomes larger and larger, the 

magnitude of it would become smaller and smaller due to the current interpolation, and 
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it would become difficult to meet the gain condition. Similar to the 4-stage IPT CCO, 

the phase shift β1 and β2 can be simply implemented as differential pairs with low-Q 

LC tanks. In our design, β1 and β2 are designed to be around -π/4 and -π/2, respectively. 

Compared to the conventional Q-CCO, the IPT Q-CCO can oscillate within a much 

larger frequency range around the peak frequency of the LC tank. Moreover, in the 

conventional Q-CCOs, only part of the biasing current is used for the coupling pairs. 

Consequently, at the edge of the tuning range when less current is available to the IQ 

coupling transistors, the oscillator becomes more sensitive to the mismatches. In 

contrast, in the proposed IPT Q-CCOs, because all the biasing currents are used for the 

coupling pairs, over the whole frequency tuning range no matter how the current is 

distributed, the coupling strength around the loop does not change much, and the loop 

can self-calibrate for the mismatches among the stages. As a result, the IPT CCO is 

much less sensitive to mismatches. 

Assuming that the LC tank is symmetrical and that β of the 8-phase CCO and β2 of 

the 4-phase CCO are around -π/2, the oscillation frequency of the two IPT CCOs can 

be estimated based on the phase condition as: 

a1
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where a=|i1|/|i0| is defined as the ac current ratio, ω0 is the peak frequency of the LC 

tank, and Qpeak is the tank Q at the peak frequency. Numerically, Table 7.1 lists the 

achievable tuning range of the IPT VCOs with different tank Qs. When Qpeak is 

reduced from 20 to 3, the tuning range can be enlarged from 5% to 33.3%. For the 

proposed IPT CCOs, there is also a trade-off between Q and tuning range. However, 

different from the capacitive tuning VCOs, this trade-off is independent of the 
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operation frequency. As such, when the desired oscillation frequency becomes so high 

that capacitive-tuning method is no longer effective, the proposed phase-tuning 

technique would provide a good solution. 

Table 7.1 Achievable phase tuning range (TR) at different Qpeak 

Qpeak ωmin (a=∞) ωmax (a=0) TR 

20 0.976ω0 1.026ω0 5.0% 

15 0.968ω0 1.034ω0 6.6% 

10 0.952ω0 1.053ω0 10.1% 

7 0.933ω0 1.077ω0 14.3% 

5 0.909ω0 1.111ω0 20.0% 

3 0.857ω0 1.200ω0 33.3% 

 

7.2.3 Experimental Results 

 
 (a)                                     (b) 

Fig. 7.4 Die photos of: (a) 8-phase CCO, and (b) 4-phase CCO. 

The two IPT CCOs are designed and fabricated in a 0.13-μm CMOS process. Fig. 

7.4(a) and Fig. 7.4(b) show the die photos of the 8-phase CCO and 4-phase CCO, 

which occupy chip area of 0.36mm2 and 0.20mm2, respectively. Transmission lines are 
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used to implement all the inductors to reduce the undesired mutual magnetic coupling.  

Fig. 7.5(a) and Fig. 7.5(b) show the measured frequency tuning curves of the two 

oscillators. When the differentially-controlled biasing current is tuned from -0.9mA to 

0.9mA, the 8-phase CCO can be tuned continuously from 48.6GHz to 52GHz while 

consuming 32mW to 48mW from a 0.8V supply. The 4-phase CCO can be tuned 

continuously from 56GHz to 61.3GHz, with a total power of 30mW to 37mW from a 

0.8V supply. 

 
     (a)                                      (b) 

Fig. 7.5 Measured tuning curves of: (a) 8-phase CCO, (b) 4-phase CCO. 

To measure the phase noise, the output signals of the oscillators are 

down-converted by an external V-Band mixer with LO signal around 50GHz 

generated by a signal generator. Assuming the phase noise contributed by the mixer 

and the signal generator is negligibly small, Fig. 7.6(a) and Fig. 7.6(b) plots the phase 

noise curves of the two IPT oscillators. The red, blue, and green curves are measured 

when the CCOs oscillate at the lowest, middle, and highest frequencies, respectively. 

The measured phase noise at 3MHz offset vary from -110.2 to -116.3dBc/Hz for the 

8-phase CCO and from -104.8 to -110.1dBc/Hz for the 4-phase CCO. For both of the 

oscillators, as expected, the lowest phase noise is measured when they oscillate at the 

middle frequency, at which the tank Q is maximized. 
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(a) 

 

(b) 

Fig. 7.6 Measured phase noise: (a) 8-phase CCO, (b) 4-phase CCO 

Table 7.2 summarizes the performance of the proposed IPT oscillators and 

compares with that of the recently reported MMW oscillators. For n-stage LC 

oscillators, the phase noise contributed by each stage can be reduced by a factor n2 

while the number of stages is increased by n. As such, theoretically the phase noise can 

be improved by n. On the other hand, as the power consumption is also increased by n, 

the FOM as defined below becomes independent of the number of output phases [77]. 
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From Table 7.2, as compared to other MMW oscillators with varactor tuning, the 

proposed IPT oscillators achieve much lower phase noise and better FOM and FOMT 

while providing multiple output phases over comparable tuning range even in a less 

advanced process. 
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Table 7.2 Summary and comparison of MMW oscillators 

Ref. 
Phase 

No. 

Freq. 

[GHz] 

TR 

[%] 

PN 

 [dBc/Hz]

Power

[mW] 

FOM 

 
FOMT Process 

[72] 2 70.2 9.6 
-106.1 

@10MHz 
5.4 175.8 175.4 

65nm  

SOI 

[73] 2 58.4 9.3 
-91 

@1MHz 
8.1 177.2 176.6 

90nm 

 CMOS 

[74] 2 59 9.8 
-89 

@1MHz 
9.8 174.5 174.4 

0.13μm 

CMOS 

[74] 2 98.5 2.5 
-102.7 

@10MHz 
7 174.1 162.2 

0.13μm 

CMOS 

[74] 2 105.2 0.2 
-97.5 

@10MHz 
7.2 169.4 135.0 

0.13μm 

CMOS 

 

This 

work 

8 50.3 6.8 
-127.8 

@10MHz 
35  186.4 183.0  

0.13μm 

CMOS 

4 58.5  9  
-120.6 

@10MHz 
34  180.6 179.7  

0.13μm 

CMOS 
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7.3 Frequency Multiplications Based-on Injection-Locking 

 

Fig. 7.7 Channel profiles of standard 802.15.3c 

Fig. 7.7 gives the channel profiles of the MMW UWB standard 802.15.3c. Based 

on the SDR FGS, there are several realizable schemes for synthesizing the required 

carrier frequencies of the standard, as shown in Fig. 7.8. For the conventional direct 

frequency synthesis scheme, the most challenging building blocks are the high 

frequency VCO and the following divider, which can be realized by the IPT-CCO as 

described above and the CR-ILFD or CB-MD as presented in Chapter 5, respectively. 

After dividing down the output frequency, the phase locked loop used for other 

standards of the FGS can be shared for the synthesizer. 

 

Fig. 7.8 MMW carrier frequency generation schemes for the SDR FGS 
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Instead of using a VCO with PLL to directly synthesize the LO signals around 

60GHz, frequency multipliers can be made use to multiply the frequency of several 

Giga-Hertz, which is available from the FGS, to the frequency of tens of Giga-Hert as 

required by the MM-Wave applications. There are several advantages to do so. As first, 

with the frequency multiplying, the operation frequency of frequency synthesizer can 

be much relaxed, thus better performance like phase noise, tuning range and power 

consumption can be achieved. Secondly, as the output phase noise of the 

injection-locked frequency multiplier is mainly decided by the phase noise of the input 

signal, the limited available Q at the MM-Wave frequencies would not affect the phase 

noise of the 60GHz LO signal much, as a result, low phase noise can be achieved as it 

is easier for the RF frequency synthesizer to obtain the associated good phase noise. 

As shown in Fig. 7.8, the carrier frequencies of the direct-conversion MMW 

transceivers can be realized by three successive multiply-by-3 operations, and the 

required carrier frequencies of the dual-conversion transceiver can be generated by 

two multiply-by-3 operations and one multiply-by-2 operation, with the 1st higher 

frequency differential LO signals generated at the multiplier-by-2’s output and the 

2nd lower frequency IQ LO signals generated at the second multiplier-by-3’s output. 

 In the following part, different injection-locked frequency multiplier (ILFM) 

topologies will be discussed, to find the most suitable architecture for the SDR FGS. 

7.3.1 Differential-input-different-output (DIDO) x3 ILFM  

 Fig. 7.9 shows the DIDO ILFM. Transistor M5 and M6 compensate the loss of the 

LC tank, and the circuit would self-oscillate when there is no input signal. By applying 

the input voltage at frequency ω to the gates of M1 and M2, the AC current at 

frequency 3ω can be generated and injected into the LC tank, making use of the 

nonlinearity of the transistors. The locking range of the ILFM depends on the current 
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amplitude ratio between the injected current at 3ω and the current provided by the 

M5/6 at 3ω. The larger the ratio the wider the locking range is. Given certain DC bias 

current and output amplitude, the current provided by the M5/6 is nearly fixed, so 

maximizing the injected current at 3ω is the key to maximize the locking range. 

However, as the iin(3ω) totally depends on the nonlinearity of the transistor, which is 

the 3rd order effect, consequently, the locking range of the ILFM is quite limited, 

especially when the operation frequency is high, large input swing is not available. 

 

Fig. 7.9 DIDO ILFM with different injection manners 

 To improve the locking range of the ILFM, injection manner can be changed, as 

cross injecting the signal from both the source and gate of M3 and M4. By doing so, it 

is not difficult to prove that iin(3ω) can be improved to 8 times larger given the fixed 

input swing. The trade-off of the cross-injection is that the input capacitor is large 

due to the miller effect, and also input resistance can heavily load the previous stage 

when the input swing is large. As a result, considering a fixed previous driving stage, 

at the moderate frequency below 10GHz, since the large input swing is still 
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achievable, the conventional injection manner at the top is better. While at the 

frequency of tens of Giga-Hertz, the input swing is not sufficient, the cross-injection 

manner can provide larger locking range. 

7.3.2 Quadrature-input-quadrature-output (QIQO) x3 ILFM 

The x3 ILFM can be also modified as QIQO, by simply injecting the IQ signals 

into a Q-VCO, as shown in Fig. 7.10. Noting that as injected current is the third 

harmonic of the input signal, the IQ sequence is reversed, thereby, the output IQ 

sequence is different from the input IQ sequence. 

 

Fig. 7.10 QIQO x3 ILFM 

7.3.3 Quadrature-input-differential-output (QIDO) x2 ILFM 

 For the x3 ILFM circuit, because the injected current is the 3rd order effect signal, 

the locking range of x3 is quite limited. So a natural choice would be using x2 ILFM to 

do the frequency doubling. However, for the differential architecture, as the 2nd 

harmonic current is common mode signal, which is rejected by the oscillator, the same 

injection manner used by the x3 ILFM cannot be used in x2 ILFM. 

Fig. 7.11 shows a QIDO x2 ILFM. The differential signals are applied to a 

push-push transistor pair to generate the AC current at 2ω. Quadrature input signals 

are used for to inject current differentially into the VCO core. Although the phase 

information is lost from the input to the output, this x2 ILFM has no sub-harmonic 
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tones being with the output signals because the input current at ω is cancelled out, 

which is an advantage compared to the previous x3 ILFM.  

 

Fig. 7.11 QIDO x2 ILFM 

7.3.4 Automatic peak control (APC) 

 For any LC-based circuit, the accuracy of the peak frequency is important for the 

circuit performance. For amplifiers, the discrepancy between the input frequency and 

the peak frequency causes the degradation of gain. For the injection locked circuit, the 

mismatch between the input frequency and peak frequency causes the degradation of 

the output swing, worse phase noise, worse filtering on the spurious tones, and even 

the malfunction of the circuit. 

 In convention, calibration of the peak frequency needs the circuit to self-oscillate 

and uses an extra phase-locked loop to calibrate the frequency, which requires much 

extra chip area [78][79]. Alternative, an APC technique is proposed which applies the 

peak calibration in digital domain with negligible power and chip area. 

 The purpose of the APC is to dynamically tune the peak frequency by tuning 

varactors or switched capacitors, in order to maximize the output amplitude. In 

general, when the output amplitude is maximized the peak frequency would be 
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consistent with the input frequency. Considering the automatic amplitude control 

(AAC) for the VCO [80]. At first the output amplitude is detected though a squaring 

circuit, and then the detected DC signal is compared with a reference voltage. The 

error is fed back, amplified and used to control the biasing current of the VCO. For the 

VCO, because the relationship between the output amplitude and biasing current is 

monotonous, so negative feedback is enough to control the output amplitude. However, 

for the peak frequency tuning, the relationship between the loaded capacitance and 

output amplitude may not be monotonous. Thus, a simple negative feedback loop can’t 

realize the APC.  

Fig. 7.12 shows the proposed APC method. The information of the output 

amplitude is detected through a squaring circuit (for simplicity, the output amplitude 

can be detected by directly sensing the common mode node A or B of the differential 

coupling pair in Fig. 7.10, where due to the second harmonic nonlinearity, the DC 

voltage is proportional to the output amplitude of the ILFM). At the time slot when the 

clock 1 is high level, the DC voltage at node A is sampled and restored to the capacitor 

CS. When the rising-edge of the clock 2 is coming, the counter starts to up- or down- 

count once to change the capacitance of the LC tank, and the voltage at A will be 

sampled again when the clock 2 is high level. Till the falling-edge of the clock 2, the 

comparator delivers the compared result between the two sampled voltages to the shift 

registers. If the voltage increases, the counter will keep counting towards the correct 

direction during the next period, if not, the toggling register will change the counting 

direction to make the counter count correctly. The states restored on the shift register 

would control the logic (the “Count/Hold” control of the counter is equal to 

“Q2Q0+Q2Q1+Q1Q0”), to let the counter stop when the peak voltage at node A is found. 

Two cycle delays are placed on the count/hold control signal to guarantee the output 
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swing is maximal when the counter holds its state. The output of the counter is used to 

directly control the switched capacitor arrays or switched varactor arrays (at MMW 

frequencies) in the LC tank. 

 

Fig. 7.12 Automatic peak frequency calibration circuit 

 

7.3.5 Experimental Results 

7.3.5.1 Measurement of 60GHz Output x27 ILFM Chain 

The 60GHz output ILFM chain is fabricated in the 0.13μm CMOS. The die 

photograph is shown in Fig. 7.13, which occupies an area of 0.8mm by 0.55mm. 

 

Fig. 7.13 Die photo of 60GHz output x27 ILFM chain 
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As the ILFM with the highest output frequency is the most critical one in the 

ILFM chain, an individual testing structure was also fabricated to verify the 

performance. Fig. 7.14 shows the measured sensitivity of the 60GHz x3 ILFM. With 

the varactor turned off, as the Q of the LC tank is relatively high, the locking range is 

quite limited, measured from 59.1GHz to 60.6 GHz when the incident power of the 

20GHz input is 6dBm. When the varactor is turn off, as the Q of the LC tank is much 

degraded, the phase condition and thus the locking range of ILFM is much improved, 

measured from 53.6GHz to 66.4GHz with input power of 6dBm. 

 

Fig. 7.14 Measured sensitivity curves of the 60GHz x3 ILFM 

 

 Fig. 7.15 gives the measured output power and swing of the ILFM, where the 

output power is measured at the open-drain buffer’s output with the loaded 50 Ohm 

from equipment, and the swing is the calibrated value at the ILFM’s output. It can be 

seen that with the varactor on, the power and swing are reduced significantly due to 

the degradation of the tank’s Q. 
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Fig. 7.15 Measured output power and swing of the 60GHz x3 ILFM 

 The whole x27 ILFM chain is measured with the IQ input signals around 2GHz 

generated on chip from the divider-B’s output in the FGS, or from an on-chip 

divider-by-2 driven by an external signal generator.  

 Fig. 7.16 shows the final output power and the swing of the ILFM chain. The 

whole ILFM chain can only operate from 60.5GHz to 66.7GHz, and the operating 

range is limited by the last stage the 60GHz output x3 ILFM.  

 

Fig. 7.16 Measured power and swing of the ILFM chain at 60GHz output 
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7.3.5.2 Measurement of 20GHz and 40GHz Outputs x18 ILFM Chain 

The 20GHz and 40GHz outputs ILFM chain with the automatically peak 

calibration circuits have been fabricated in the 0.13μm CMOS. Fig. 7.17 shows the 

die photograph. The occupied chip area is 1mm by 0.5mm. 

 

Fig. 7.17 Die photo of 20GHz and 40GHz output x18 ILFM chain 

Fig. 7.18 compares the measured spectrums without and with enabling the 

on-chip automatically peak calibration circuit, at the ILFM chain’s 20GHz output. It 

can be observed that with APC, the power of the desired signal is increased and the 

filtering of spurious tones at the sub-harmonic frequencies is also improved.  

 
without APC                       with APC 

Fig. 7.18 Measured spectrums at ILFM chain’s 20GHz output without and with APC 

Fig. 7.19(a) summarizes the measured output power of the ILFM at 20GHz output, 
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with and without APC. In both the case, the ILFM chain can achieve a continuous 

locking range from 18GHz to 22.5GHz, well covering the required frequency band 

from 19.44GHz to 21.6GHz. When the APC is disabled, the SCA is set to be “011” 

to make the peak frequency locating at the middle of the required frequency band. 

Within the required frequency band, the measured output power varies from -29dBm 

to -21.8dBm. When the APC is enabled, the output power varies from -26dBm to 

-20.6dBm. Fig. 7.19(b) shows the calibrated output swing at the ILFM’s 20GHz 

output. Without the APC, the output swing is above 400mV within the required 

frequency range. With the APC enabled, the minimum output swing is improved to 

600mV, sufficiently enough for driving the up/down-conversion mixers. Fig. 7.19(c) 

summarizes the spur rejection performance. Within the required frequency range, 

when the APC is disabled, the measured spur is from -26dBc to -29dBc. When the 

APC is enabled, the measured spur is suppressed from -26dBc to -32dBc. 

 

 
(a) 
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(b) 

 
(c) 

Fig. 7.19 Measured performance of the ILFM chain at 20GHz output with and without 

APC: (a) output power, (b) output swing, (c) spur rejection 

 The 40GHz output signals of the x18 ILFM chain are measured through a 

Q-Band harmonic mixer cooperating with Agilent’s spectrum analyzer E4440A. The 

whole ILFM chain draws 31.8mA in total including all the buffers from a 1.2V 

supply voltage. Fig. 7.20 shows the measured output spectrum at the boundary of the 

ILFM chain’s locking range, with APC enabled. The ILFM chain is able to 

continuously cover a frequency band from 36.9GHz to 44.1GHz, successfully 
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meeting the frequency requirements of the SDR FGS.  

 
Lower frequency boundary             High frequency boundary 

Fig. 7.20 Measured spectrums at ILFM chain’s 40GHz output 

Fig. 7.21(a) shows the measured power of at 40GHz output. When the APC is 

disabled, the measured output power varies from -62dBm to -38.2dBm within the 

required frequency band. When the APC is enabled, the output power varies from 

-46dBm to -35.4dBm. Fig. 7.21(b) shows the calibrated output swing at the ILFM’s 

40GHz output. Without the APC, the output swing varies from 50mV to 590mV 

within the required frequency range. With the APC enabled, the output swing can be 

improved to from 250mV to 810mV. Extra power may need to be consumed in order 

to improve the swing at the lower frequency boundary. Mainly limited by the set-up, 

sub-harmonic spurs are not observed from the spectrum analyzer. 

 
(a) 
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(b) 

Fig. 7.21 Measured performance of the ILFM chain at 40GHz output with and without 

APC: (a) output power, (b) output swing. 
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Chapter 8 

 Design of Reconfigurable Phase-Locked Loop 

 

8.1 Phase-Locked Loop (PLL) Architecture 

 The phase-locking technique can be traced up to as early as 1919 [81][82]. With 

decades of intensive research efforts, the phase-locked loop theory has been well 

developed, and detailed design guidelines can be found in numerous literatures 

[83]-[87]. Depending on the operation domains of each building block, PLLs can be 

categorized into analog PLL, digital PLL and mixed signal PLL. Analog PLL 

performs the phase detection in analog domain typically by mixers, the phase 

detector restricts the loop being able to be locked within a small frequency range, 

even though, it can be made use of to provide very “quiet” linear phase examining 

with low reference spur [88]. All digital PLL performs phase/frequency detector, 

filtering all in digital domain, which has good programmability and 

re-configurability, but its performance directly depends on the process, requiring 

stringent intrinsic gating delay to depress the quantization noise, and special design 

considerations need to be paid in order to reduce the digital spurs to an acceptable 

level [89][90]. Moreover, the digital controlled oscillator (DCO) [91] is more 

difficult to design and implement, unavoidably sacrificing the performance. The 

mixed signal PLL employs digital phase/frequency detector (PFD) together with 

current charge pump (CP), the control signal is converted back to the analog domain 

through charging or discharging the loop filter, and then adjusts the oscillation 

frequency of VCO. It is so far the most commonly and successfully adopted 
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architecture in the wireless communication systems. With the 0.13μm CMOS 

technology, the mixed signal type PLL is chosen to stabilize the output frequency of 

SDR FGS. 

 

Fig. 8.1 Reconfigurable PLL architecture used in the SDR FGS 

 Fig. 8.1 shows the PLL architecture used in the SDR FGS. The output signal of 

the divider-B, from 1.5GHz to 3GHz, is divided down by a multi-modulus divider, 

which is used to adjust the generated carrier frequency of the FGS. The lower 

frequency signal at the multi-modulus divider’s output is fed to the PFD, and 

compares with the external reference signal. The dead zone period of the PFD and 

the CP current are designed to be tunable for adjusting the loop dynamics. The output 

current signal of the CP flows into a 2nd order low pass filter and is converted into a 

voltage signal. Through a voltage-to-current (V2I) converter, the voltage signal is 

converted back to current signal, to control the oscillation frequency of the dual-band 

Q-VCO. A 1st order low pass filter is added in between the V2I and DB Q-VCO, to 

perform band-pass filtering on the V2I’s noise. Thereby, the total loop filter is 

equivalent to a 3rd order low pass filter as used in the typical PFD/CP PLL. The VCO 

gain KVCO can be conveniently adjusted by tuning the trans-conductance of the V2I 

convertor. And pole, zero locations of the loop filters are controlled both internally 
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and externally from the chip. The design of each building block will be introduced in 

the following part of this chapter. 

 

8.2 Frequency Division 

  The fine frequency resolution requirement, like 200KHz for GSM, necessitates 

the frequency divider to be able to support fractional-N division number. This can be 

done by periodically changing the division number of multi-modulus divider. For 

example, in a 100 periods, if the divider operates as divide-by-2 for 33 periods, and 

operates as divide-by-3 for the other 67 periods, averagely for the whole 100 periods, 

the effective division ratio is equal to a fractional number of 2.67. However, any 

periodicity in the division ratio control pattern causes fractional spurs at the VCO’s 

output. Thereby, certain algorithm needs to be done to control the pattern and depress 

the fractional spur. One of the most effective methods is to use delta-sigma 

modulator [92] to randomize the instantaneous division number and shape the 

quantization noise into higher frequency. As the noise transfer function of the divider 

is low pass in the PLL, the high frequency quantization noise can be filtered out by 

the loop filter. The main considerations of choosing delta-sigma for a frequency 

synthesizer, includes the modulator’s architecture, order, sampling frequency, 

stability, input bit width and output level. Among different architectures, multistage 

noise shaping (MASH) delta-sigma modulator is most popular for its simplicity, 

superior noise shaping and unconditional stable properties. It is mathematically 

proved that to sufficiently randomize the quantization error samples, the order of 

MASH delta-sigma modulator needs to be no less than 3 [93]. For MASH 1-1-1 

modulator, 8 output level needs to be accommodated by the multi-modulus divider, 
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and within such a range, the PFD/CP has to be linear enough to avoid the high 

frequency quantization noise folded back into the loop bandwidth. To reduce the 

output level, MASH 1-2 can be used instead, however it only allows around 75 

percent of the whole input range, not applicable for the SDR FGS [94]. Alternatively, 

single stage modulator with multiple feedback or feed-forward paths can be used, but 

needs to be carefully designed to avoid stability problem [95]. Finally, MASH 1-1-1 

architecture is chosen for the SDR FGS to eliminate the stability issue. 

 The decisions of the delta-sigma modulator’s input bit width, the divider’s 

division ratio and the reference frequencies need to be made together, based on 

specific requirement. One design consideration is to avoid changing the reference 

frequency, such that one common crystal oscillator can be used for all the modes for 

different standards. Table 8.1 shows one potential solution. 

Table 8.1 Resolution and division ratio summary with single reference frequency 

Standards 
Synthesized 

Frequency 

Required 

Resolution

Ref. 

Frequency

Prescaler

Division 

No. 

Equivalent 

Resolution 

at Pres. Input 

Required 

SDM 

Input 

Bit Width 

Realized 

Resolution

GSM 

850-900 
824 ~ 960 MHz 200KHz 32.768MHz 50.2 ~ 58.6 400KHz 15 0.5KHz 

DCS 
1.71 ~ 

1.88GHz 
200KHz 32.768MHz 52.1 ~ 57.4 200KHz 15 1KHz 

PCS 
1.85 ~ 

1.99GHz 
200KHz 32.768MHz 56.4 ~ 60.7 200KHz 15 1KHz 

UMTS 
1.90 ~ 

2.17GHz 
200KHz 32.768MHz 57.9 ~ 66.2 200KHz 15 1KHz 

WLAN 

802.11a 

5.15 ~ 

5.85GHz 
5MHz 32.768MHz 75.5 ~ 89.3 2500KHz 15 2KHz 

WLAN 

802.11b/g 

2.412 ~ 2.484 

GHz 
1MHz 32.768MHz 73.6 ~ 75.8 1000KHz 15 1KHz 
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Wimax-1 
2.15 ~ 

2.69GHz 
25KHz 32.768MHz 65.6 ~ 82.1 25KHz 15 1KHz 

Wimax-2 3.4 ~ 4.99GHz 250KHz 32.768MHz 51.8 ~ 76.1 125KHz 15 2KHz 

Wimax-3 
5.15 ~ 

5.85GHz 
5MHz 32.768MHz 78.5 ~ 89.3 2.5MHz 15 2KHz 

Bluetooth 2.4 ~ 2.48GHz 1MHz 32.768MHz 73.2 ~ 75.7 1MHz 15 1KHz 

DECT 
1.881792 ~ 

1.930176GHz 
1.728MHz 32.768MHz 57.4 ~ 58.9 1.728MHz 15 1KHz 

Zigbee 

(LB) 

868 ~ 928 

MHz 
100KHz 32.768MHz 52.9 ~ 56.6 200KHz 15 0.5KHz 

Zigbee 

(HB) 

2.4 ~ 2.4385 

GHz 
100KHz 32.768MHz 73.2 ~ 74.4 100KHz 15 1KHz 

RFID 

(UHF) 
860 ~ 960MHz 100KHz 32.768MHz 52.4 ~ 58.6 200KHz 15 0.5KHz 

UWB 

802.15.3c 

58.32 ~ 

64.8GHz 
2.16GHz 32.768MHz 65.9 ~ 73.2 80MHz 15 27KHz 

DTV-1 47 ~ 68MHz 1MHz 32.768MHz 58.75 ~ 85 32MHz 15 1/32 KHz 

DTV-2 174 ~ 187MHz 1MHz 32.768MHz 84.9 ~ 91.3 16MHz 15 1/16 KHz 

DTV-3 188 ~ 239MHz 1MHz 32.768MHz 45.8 ~ 58.3 8MHz 15 1/8 KHz 

DTV-4 470 ~ 750MHz 1MHz 32.768MHz 57.3 ~ 91.5 4MHz 15 1/4 KHz 

DTV-5 751 ~ 862MHz 1MHz 32.768MHz 45.8 ~ 52.6 2MHz 15 1/2 KHz 

GPS 1.57542GHz 10.23MHz* 32.768MHz 48.07 - 15 1KHz 

UWB 

MB-OFDM 
8.448GHz - 32.768MHz 64.45 - 15 4KHz 

 

The reference frequency is designed to be 32.768MHz, which is 215 times of 1 

KHz. The required resolution for each standard can be transferred to the equivalent 
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one at the prescaler’s (multi-modulus divider’s) input, with multiplying a coefficient 

corresponding to the carrier frequency. For example, the GSM900’s carrier 

frequency is half of the prescaler’s input frequency. Thereby the equivalent 

resolution is relaxed and multiplied by 2. With 15-bit input width for the delta-sigma 

modulator, fine enough resolution can be achieved for every standard. And the 

prescaler needs to provide a division ratio from at 45 to 92. 

One important drawback of such solution is that the frequency synthesizer needs 

to operate in fractional-N mode for all the standards, even for those ones have relax 

resolution requirement, such as WLAN and UWB. Consequently, compared to a 

dedicated single standard integer-N frequency synthesizer, the SDR synthesizer 

would have lower performance due to the quantization noise generated by the 

delta-sigma divider. One solution is to reduce the loop bandwidth to filter out the 

quantization noise, but the in-band noise would be affected more by the VCO’s low 

offset frequency noise. Alternatively, since the quantization noise is deterministic, 

noise cancellation CP DAC circuit can be implemented to cancel out the quantization 

noise [96][97][98], but at the expense of more chip area and power consumption. It is 

therefore desirable to adjust the reference frequency and enable both integer-N and 

fractional-N mode in accordance with different standards. This can be done by 

adding an extra low frequency synthesizer or implementing direct digital synthesis 

(DDS) for the reference frequency. 

Fig. 8.2 shows the schematic of the designed multi-modulus divider. The 

true-modular programmable divider architecture [99] is used. Compared to the more 

conventional dual-modulus prescaler [100][101], this architecture has better 

flexibility and reusability, which is beneficial for the SDR applications.  

 In each stage of the divider, if Pi is enabled, equal to “1”, the divider swallows 
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one period of the input signal when modin is also equal to high level. The “mod” 

signal transverses oppositely as the clocking signal does, so that it can be 

re-synchronized by each stage along the way. When the most significant bit (MSB) 

P7 is “0”, the last stage is bypassed and has no controlling on the “mod” signal. 

Thereby the total division ratio is equal to 32+16P5+8P4+4P3+2P2+P1. When P7 is 

“1”, the circuit functions as a typical swallowing ripple divider, and the division ratio 

is equal to 64+32P6+16P5+8P4+4P3+2P2+P1. As a result, the total division ratio can 

be adjusted from 32 to 127.  

 

Fig. 8.2 Schematic of multi-modulus divider, divide-by-32~127. 

 In the SDR FGS, the multi-modulus divider’s input can be connected to any 

point from node “III” to node “IX”. A higher frequency is desirable to reduce the 

quantization step of the delta-sigma modulator and thus the quantization noise. And 

also all the divide-by-2 dividers preceding the multi-modulus divider have to be 

opened all the time to lock the loop, which would contribute sub-harmonic spurs at 
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the FGS’s final output if the desired output frequency is higher than the 

multi-modulus divider’s input frequency. However, the higher the input frequency, 

the larger power the multi-modulus divider needs to consume. As a result, the input 

frequency is selected to be from 1.5GHz to 3GHz, with an acceptable total current 

consumption of 6mA. 

 

8.3 PFD and CP 

 Fig. 8.3 gives the schematic of the implemented PFD and CP with the first 

2nd-order loop filter as shown in Fig. 8.1. The tri-state PFD compares the coming 

edges of the reference clock and multi-modulus divider’s output, and generates 

positive or negative voltage pulse with the pulse width proportional to the phase 

difference of the two input signals. The generated voltage pulse is then converted 

into the current pulse by the CP and injected into the loop filter. In practical case, the 

CP cannot do the conversion infinitely fast due to the switching delay, consequently, 

if the phase difference between reference clock and divider clock is small enough, 

the PFD and CP would fail to response to the coming signal, causing the dead zone 

problem. The open loop gain could be greatly reduced within the dead zone, 

lowering the noise filtering and even causing stability problem. And as mentioned 

above, nonlinear response of the phase comparison with the dead zone can also fold 

the out-band noise of delta-sigma modulator into the loop bandwidth. To eliminate 

the dead zone, tunable delays Δt1 and Δt2 are added into the feedback path of the 

tri-state PFD. And Δt1 and Δt2 can be adjusted to be different, to generate a time 

offset and further improve the linearity of PFD and CP under the case that the 

up-current and down-current of CP has mismatches [15][102]. 



Chapter 8  Design of Reconfigurable Phase-Locked Loop 

143 

 

 

Fig. 8.3 Schematic of PFD, CP with the first loop filter 

In Fig. 8.3, the up and down current source are also designed to be independently 

tunable, to adjust the open loop gain of the PLL and also to calibrate out the up and 

down current mismatch, which would induce the leakage current and cause reference 

spur at the VCO’s output. To mitigate the charge sharing effect during the switching, 

a unity gain buffer is added between the two current-steering paths. And all the 

switches are implemented complementarily to reduce the spur due to the clock 

feed-through. 

 

8.4 V2I Convertor 

 Fig. 8.4 shows the schematic of the voltage to current (V2I) convertor with the 

second loop filter (1st-order) together. By regulating transistor M1, the current 

flowing through M1 can be well defined as Vin/Reff, where Reff is the effective 

resistance of the switched resistor array, which can be adjusted by 4 binary control 

bits. The converted current is mirrored and passed through SW1 or SW2 to control 

DB QVCO’s Lower Band (LB) or Higher Band (HB) bias current, respectively. An 
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extra current Ibasic is added into the current mirror network. As such, a minimum 

required bias current can be provided for the coupling pair of the Q-VCO, to 

guarantee the Q-VCO operating at quadrature mode and avoid the malfunction of the 

PLL.  

 

Fig. 8.4 Schematic of voltage-to-current (V2I) convertor with the second loop filter 

 The noise of the whole circuit needs to be carefully treated. As the circuit is 

placed after the 2nd order loop filter, the low frequency noise can be filtered out 

within the loop bandwidth of the PLL. For the V2I convertor, its high frequency 

noise is filtered out by R3 and C3, so the noise transfer function is band-pass 

characteristic. For the turn-on resistance of SW1 and SW2, the noise transfer function 

is the same as the one of VCO, high-passed. To reduce the noise contribution, the 

turn-on resistance has to be minimized. Unfortunately, this issue is not addressed 

during the tape-out. Small sized complementary switches are used for both SW1 and 

SW2, with the NMOS’ W/L only being 2μm/0.12 μm and PMOS’ W/L only being 

5μm/0.12 μm. Spectre-RF Simulations show that the turn-on resistor contributes a 

typical value of as large as 50% of the QVCO’s total noise power at 3MHz offset, 
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resulting in 3dB QVCO’s phase noise degradation. The problem can be simply 

solved by increasing the switch size, as the induced parasitic is neglect able 

compared to C3. By increasing the size to 20μm/0.12 μm for NMOS and 

50μm/0.12 μm for PMOS, the contribution can be reduced to around 7%, equivalent 

to 0.32dB phase noise degradation. If increasing the size to 40μm/0.12 μm for 

NMOS and 100μm/0.12 μm for PMOS, the phase noise degradation can be reduced 

to less than 0.2dB. 

 

8.5 Loop Dynamics 

8.5.1 Transfer Function 

 The PLL can be conveniently analyzed by assuming that each building block 

operates linearly within a small range around the locking point. This linear approach 

is also proved to be accurate for fractional-N synthesizer with delta-sigma 

modulation [103]. 

 Fig. 8.5 shows the linear model of the frequency synthesizer in frequency 

domain. The PFD and CP convert the input phase difference to a current signal by 

simply multiplying a coefficient KD, which is equal to ICP/(2π) for the tri-state PFD. 

The current signal flows into the loop filter and corresponds to a controlling voltage 

of the VCO by multiplying the filter’s impedance Z(s). Since phase is the 

accumulation of frequency, through the VCO, the controlling voltage is converted 

back to a phase signal by multiplying the coefficient KVCO/s, where KVCO is the gain 

of VCO with unit of rad/(S•V). At last, the divider divides down the VCO’s output 

frequency and thus also the phase by N. Noticed that, in this model, the second loop 

filter in Fig. 8.1 is swapped with the V2I convertor, to allow the V2I convertor 
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combined with the dual-band QVCO (more exactly, CCO, current-controlled 

oscillator), with a linear transfer function of KVCO/s. By doing so, the transfer 

functions of most building blocks remain exactly the same, except for the V2I 

convertor. The noise transfer function would become high-pass like from the original 

band-pass like. Simulation shows that, with the band-pass characteristic, the noise of 

V2I convertor is neglect ably small compared to the QVCO’s noise, thereby, the 

modification of such noise does not affect the accuracy of noise analysis. 

 

Fig. 8.5 Linear mode of frequency synthesizer 

 The open loop transfer function G(s) is equal to 

Gሺsሻ ൌ KDKVCOZሺୱሻ
ୱ

                        (8.1) 

 And the closed loop transfer function CL(s) is given by 

CLሺsሻ ൌ Gሺୱሻ
ଵାGሺୱሻH

                        (8.2) 

where H denotes the gain of the feedback path, equal to 1/N. 

 The loop bandwidth of the PLL ωc is the angle frequency where the 

feed-forward gain is equal to unity, which is expressed as 

|GሺsሻH| ൌ 1                       (8.3) 

 Considering the transfer functions (TFs) for different sources, for the reference 
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and the divider, the TF is equal to CL(s). Since within the loop bandwidth, the open 

loop gain G(s) is typically very large to minimize the phase error, thereby CL(s) is 

approximate as N. While at frequencies much higher than ωc, since G(s) is very small, 

CL(s) is approximated as G(s). As a result, the transfer function of reference and 

divider is low pass characteristic. The transfer function of PFD and CP is equal to 

CL(s)/KD, has the similar characteristic with CL(s). The transfer function of VCO is 

equal to CL(s)/G(s), written as 1/(1+G(s)H). It is approximated as N/G(s) within the 

loop bandwidth and close to 1 at frequencies much higher than ωc. Thereby, the TF 

of VCO is high pass characteristic. 

8.5.2 Loop Filter Calculation 

 Because the order of delta-sigma modulator (MASH 1-1-1) is equal to 3, the 

order of loop filter is also selected to be 3 to make the roll-off of the out-band 

quantization noise match with the one of the VCO. With given loop bandwidth ωc 

and phase margin φ, the parameters of the 3rd order loop filter cannot be fixed, and 

different parameter combinations are available. The calculation of the loop filter 

follows the procedures provided in [86], for completeness of the dissertation, it is 

reviewed here. 

 The impedance of the 3rd order loop filter can be derived as 

 Zሺsሻ ൌ ଵାTమୱ
ୱሺAమୱమାAభୱାAబሻ

                     (8.4) 

Or rewritten in the form of 

Zሺsሻ ൌ ଵାTమୱ
AబୱሺଵାTభୱሻሺଵାTయୱሻ

               (8.5) 

with explicitly denoting the zero and pole locations. 

 Considering that C2 is typically much larger than C1 and C3 to stabilize the loop, 
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the coefficients can be calculated as follows 

A଴ ൌ Cଵ ൅ Cଶ ൅ Cଷ                   (8.6) 

Tଵ ൎ RమCమCభ
Aబ

                     (8.7) 

Tଶ ൌ RଶCଶ                      (8.8) 

Tଷ ൎ RଷCଷ                      (8.9) 

Aଵ ൌ A଴ሺTଵ ൅ Tଷሻ                  (8.10) 

Aଶ ൌ A଴TଵTଷ                    (8.11) 

 At first, the two pole locations can be correlated with a fixed ratio, a good 

starting point is assumes T3=0.5T1. And then the phase margin φ can be calculated as  

φ ൌ tanିଵሺωୡTଶሻ െ tanିଵሺωୡTଵሻ െ tanିଵሺωୡTଷሻ       (8.12) 

 Another relationship is obtained by setting the derivative of φ equal to zero, so 

that the phase margin can be insensitive to the variation of the loop bandwidth. This 

gives the following equation 

Tଶ ൎ ଶ
ଷனౙ

మTభ
                    (8.13) 

where the approximations are made that ωcT1<<1 and ωcT2>>1, which is typically 

true for a PLL with sufficient phase margin. 

 Taking Eq. (8.13) into Eq. (8.12), T1 can be solved approximately as 

Tଵ ൎ ଶ ሾୱୣୡሺ஦ሻି୲ୟ୬ሺ஦ሻሿ
ଷனౙ

                 (8.14) 

Therefore, T1, T2 and T3 are all solved. 

 Next, making use of the definition of the unity gain frequency ωc, the Eq. (8.3), 

and using Eqs. (8.1) and (8.5), A0 can be solved as below 

A଴ ൌ KDKVCO
Nனౙ మ ට ଵାனౙ మTమ

 మ

ሺଵାனౙ మTభ
 మሻሺଵାனౙ మTయ

 మሻ
         (8.15) 
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 So far, 4 variables including A0, T1, T2 and T3 have been solved. But in order to 

find the final solution of the 3rd order loop filter, it still needs one extra identity. This 

can be done by choosing a C1 to maximize the value of C3, by doing so, the impact of 

VCO’s parasitic capacitance can be minimized and the thermal noise of R3 can 

maximally filtered out. It is also proved that the value of C1 for maximum C3 is very 

close to the value of C1 for minimum R3, which shows that such choice is optimal for 

minimizing R3’s noise [86]. Thereby, C1 can be obtained as 

Cଵ ൌ Aమ
Tమ

 మ ሺ1 ൅ ට1 ൅ Tమ
  

Aమ
ሺTଶA଴ െ Aଵሻ          (8.16) 

And other parameters of the loop filter can be solved as below 

Cଷ ൌ
ିTమ

 మCభ
 మ

 ାTమAభCభିAమAబ 
Tమ

 మCభିAమ
               (8.17) 

Cଶ ൌ A଴ െ Cଵ െ Cଷ                   (8.18) 

Rଶ ൌ Tమ
Cమ

                       (8.19) 

Rଷ ൌ Aమ
CభCయTమ

                     (8.20) 

where A1 and A2 have been given by Eq. (8.10) and Eq. (8.11). 

8.5.3 Behavioral Simulation of PLL 

 The calculation results are verified through the AC simulation in Agilent’s 

Advanced Design System (ADS). The characteristics of the PFD, CP, VCO and 

dividers are modeled linearly through ideal voltage controlled voltage source, or 

voltage controlled current source. 

 With the equations in Section 8.5.2, the parameters of the loop filter are 

calculated using 40KHz loop bandwidth, 70° phase margin, 1mA CP current, 

2π*200MHz/V KVCO and total division number of 112 for the typical setting of the 
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PLL’s narrow bandwidth mode. Fig. 8.6(a) shows the simulated frequency responses 

of the PLL, with the calculated filter component values listed at the top. It can be 

seen that simulated unity gain frequency and the phase margin are very close to the 

expected values, which proves the accuracy of the derived equations from [86]. Fig. 

8.6(b) shows the simulated frequency responses with the typical setting of the PLL’s 

wide loop bandwidth mode, where 200KHz loop bandwidth is used with 51° phase 

margin for the fastest channel settling response [104], and with 1mA CP current, 

2π*400MHz/V KVCO and a total division number of 224.  

 
    (a)                                      (b) 

Fig. 8.6 Simulated frequency responses of the SDR FS with, (a) 40KHz loop 

bandwidth and 70° phase margin, (b)200KHz loop bandwidth and 51° phase margin 

 The phase noise performance is simulated by adding frequency dependent 

current noise sources and voltage noise sources into the behavioral loop. These noise 

sources are set with the measured or simulated building block’s noise data at 

different offset frequencies. Thereby, the noise behavior of each building block can 

be accurately depicted and simulated with the corresponding noise transfer functions 
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provided by the loop, as long as sufficient data points are used to plot the noise curve 

versus the offset frequency. 

 The loop bandwidth needs to be optimized carefully, because it decides all the 

performance of the PLL. A small loop bandwidth is helpful to depress the reference 

spur, the delta-sigma modulator’s quantization noise, and allow less RMS phase error 

due to the reference referred noise (including noise from the reference source, PFD 

and CP, dividers). However, a reduced loop bandwidth also results in longer settling 

time, larger loop filter components and less suppression on the VCO’s noise at low 

frequency offset, which is critical for CMOS process due to its inferior flicker noise. 

The trade-off related to the settling time can be greatly relaxed by applying adaptive 

bandwidth technique [105] or dual phase comparing path architecture [106]. 

Therefore, in the PLL design, the loop bandwidth is optimized to achieve minimum 

RMS phase error for each standard, under the condition that the reference spur is 

reasonably below -55dBc and the spot phase noise of the synthesizer can meet the 

requirement in Table 3.1. 

 Fig. 8.7 shows the simulated FGS output phase noise at 1.85GHz carrier 

frequency for DCS/PCS standard. The loop bandwidth is set around 40KHz to 

compromise different trades-off. It can be seen that, the total phase noise, as plotted 

using the thick red line, is mainly dominated by the VCO’s phase noise from 1KHz 

up to 10MHz frequency offset. At lower offset frequencies below 1KHz, the phase 

noise is dominated by the reference noise (generated by Agilent’s signal generator 

E5287D). And at offset frequencies larger than 10MHz, the phase noise is limited by 

the noise floor of divider-B, because the FGS output point is taken at the output of 

divider-B, its noise transfer function is also high-passed similar to the one of VCO. 

The total RMS phase error within the channel bandwidth is 0.663°. To reduce this 
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number the loop bandwidth needs to be increased to suppress the VCO’s close-in 

phase noise. However, this is prohibited by the spot noise requirement of 

-139.5dBc/Hz at 3MHz for this standard. If the bandwidth is increased, the spot noise 

would be degraded due to the noise from delta-sigma modulator. Nevertheless, this 

trade-off can be relaxed by cancelling out the deterministic quantization noise as 

mentioned in Section 8.2, at some expense of chip area and power consumption. 

 

Fig. 8.7 Simulated the FGS output phase noise at 1.85GHz DCS/PCS mode 

 

 Fig. 8.8 shows the simulated FGS output phase noise at 2.45GHz carrier 

frequency for WLAN 11b/g mode. The loop bandwidth is set to be around 200KHz 

to optimize the RMS phase error. It is seen that with the larger loop bandwidth, the 

close-in phase noise is mainly contributed by the reference noise, which limits the 

in-band phase noise at around -95dBc/Hz. This noise contribution would become 

even more significant when the FGS output frequency is further increased, for 

example at 802.11a or UWB mode, because the increased division ratio results in 
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further amplification of the reference noise. The out-band phase noise is mainly 

contributed from the Q-VCO, delta-sigma modulator as well as the divider-A and 

divider-B at offset frequencies more than 30MHz. The integrated phase noise, within 

10MHz, results in a RMS phase error of 0.731°. 

 

Fig. 8.8 Simulated the FGS output phase noise at 2.45GHz 802.11b/g mode 
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Chapter 9 

Experimental Results of  

The SDR Frequency Generation System 

 

9.1 System Integration 

To verify the open loop performance of SDR FGS, a preliminary version was 

firstly fabricated in a 0.13μm CMOS technology. Fig. 9.1 shows the block diagram. 

The 60GHz output x27 ILFM chain is included for the direct-conversion MM-Wave 

transceiver for the standard 802.15.3c. 

 

Fig. 9.1 Block diagram of preliminary SDR FGS fabricated in 0.13μm CMOS 

 The die photograph of the preliminary FGS chip is shown in Fig. 9.2. The open 

loop parts of the FGS are integrated within an area of 2mm by 1.2mm. 
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Fig. 9.2 Die photograph of preliminary SDR FGS fabricated in 0.13μm CMOS 

  

With affirmative measurement results from the preliminary open-looped version, 

the final SDR FGS version is integrated and fabricated in the 0.13μm CMOS. Fig. 

9.3 shows the block diagram. A reconfigurable phase locked loop is implemented 

with flexible loop dynamic adjustment as described in Chapter 8. Peak calibration 

circuits, introduced in Section 7.3.4, are integrated on chip to automatically calibrate 

the peak frequencies of 3 stage ILFMs in the chain, which generates the 20GHz and 

40GHz LO frequencies for the dual-conversion MM-Wave transceiver. An 

up-conversion SSB mixer is integrated as the transmitter modulator to verify the IQ 

accuracy of the generated LO signals from the FGS. Besides, to mitigate the 

performance degradation due to the layout mismatches and process variations, other 

tunings like IQ coarse tuning, feed-through tuning are also implemented on chip with 

the control signals applied externally. Two groups of shift registers are incorporated 

to provide 120 digital control bits for the system, for simplicity, they are not drawn in 

Fig. 9.3. 
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Fig. 9.3 Block diagram of the final SDR FGS fabricated in 0.13μm CMOS 

Fig. 9.4 shows the die photo of the final SDR FGS. The whole system occupies 

an area of 2.5mm by 1.2mm.  

 

Fig. 9.4 Die photograph of final SDR FGS fabricated in 0.13μm CMOS 
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Based on the functionalities, the FGS can be divided into several sub-systems, 

including the dual-band Q-VCO with the PLL, the SCL divider chain, the x3/x5/x7 

ILFM and SSB Mixers for MB-OFDM UWB carrier generation and the ILFM chain 

with APC for MMW carrier generation. Before the integration of the whole system, 

each of these sub-systems has been integrated and verified through post-layout 

simulations, with counting the associated loading effects from other sub-systems. 

The basic functions of the whole system are verified by the transient simulations. 

And the phase noise performance is verified through linear simulations in ADS as 

described in Chapter 8. 

 

9.2 Measurement Setup 

 Fig. 9.5 shows the onsite photo of the typical FGS measurement setup. The 

reference signal is generated from Agilent’s signal generator E8257D with close-in 

phase noise around -133dBc/Hz at 20KHz frequency offset. The output signals of the 

FGS are obtained by probing the die pads and measured by Agilent’s spectrum 

analyzer E4440A with phase noise measurement personality. An oscilloscope is used 

to monitor the loop filter’s control voltage and roughly measure the settling time of 

the PLL. I&Q baseband signals are generated by a vector signal generator (Agilent’s 

E4438C), for measuring the side-band rejections at the output of the on-chip 

up-conversion SSB mixer. The digital controlling signals of the FGS are provided by 

a PC-controlled pattern generation device, and the critical analog biases are provided 

through an external PCB with tunable voltage or current biasing. 
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Fig. 9.5 On-site measurement setup of the SDR FGS 

 

9.3 Coverred Frequency Range 

 In the measurement, the SDR FGS can successfully generate I&Q output signals   

continuously from 42MHz to 6.2GHz and from 18GHz to 22.5GHz, and differential 

output signals continuously from 36.9GHz to 44.1GHz. The FGS can also 

successfully generate all the 14-band carriers for the MB-OFDM UWB, from 

3432MHz to 10296MHz with 528MHz spacing. Fig. 9.6 summarizes the covered 

frequency range by the SDR FGS in a log scale. 



Chapter 9  Experimental Results of The SDR Frequency Generation System 

159 

 

 

Fig. 9.6 Covered frequency range by the experimental FGS 

 

9.4 Phase Noise 

9.4.1 Open Loop Phase Noise 

The open loop phase noise with free-running VCO was measured with the 

preliminary version of the SDR FGS, to verify the FGS’ out-band phase noise values 

for different standards. 

Fig. 9.7 shows the measured open loop phase noise of the carriers for WLAN, the 

green, blue and red curves are for the carrier frequencies of 2.4GH, 5.2GHz and 

5.8GHz, respectively. The phase at 1MHz offset varies from -113dBc/Hz to 

-119dBc/Hz. 
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Fig. 9.7 Measured open loop phase noises of the carriers for WLAN 

Fig. 9.8 shows the measured open loop phase noise of the carriers for MB-OFDM 

UWB standard, the blue, green and red curves are for the carrier frequencies of 3.4GH, 

5GHz and 10.3GHz, respectively. The phase at 1MHz offset varies from -102dBc/Hz 

to -110.6dBc/Hz. 

 

Fig. 9.8 Measured open loop phase noises of the carriers for MB-OFDM UWB 

Fig. 9.9 shows the measured open loop phase noise of the carriers for Wimax. The 

green, blue and red curves are for the carrier frequencies of 2.4GH, 3.4GHz and 

5.2GHz, respectively. The phase at 1MHz offset varies from -113dBc/Hz to 

-123.4dBc/Hz. 
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Fig. 9.9 Measured open loop phase noises of the carriers for Wimax 

Fig. 9.10 shows the measured open loop phase noise of the carriers for cellular 

standards. The blue, red and green curves are for the carrier frequencies of 900MHz, 

1.7GHz and 1.9GHz, respectively. The phase at 3MHz offset varies from 

-140.5dBc/Hz to -144.7dBc/Hz. 

 

Fig. 9.10 Measured open loop phase noises of the carriers for cellular standards 

Fig. 9.11 shows the measured open loop phase noise of the carriers for DTV 

applications. The yellow, cyan and purple curves are for the carrier frequencies of 

470MHz, 498MHz and 870MHz, respectively. The phase at 1MHz offset varies from 

-128.1dBc/Hz to -135.8dBc/Hz. 
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Fig. 9.11 Measured open loop phase noises of the carriers for DTV 

 

9.4.2 Close Loop Phase Noise 

 When measuring the close loop phase noise of the final SDR FGS, the loop 

bandwidth is adjusted to achieve minimum RMS phase error for different standards 

as discussed in Section 8.5.3. 

9.4.2.1 DTV 

Fig. 9.12 shows the measured close loop spectrum and phase noise for DTV 

standard with DB Q-VCO consuming current around 10mA. At different frequency 

bands, the close-in phase noise at 10KHz offset varies from -91.7 to -107.7dBc/Hz. 

The out-band phase noise at 1MHz offset is measured as from -119.9 to 

-134.7dBc/Hz. The RMS phase error integrated from 1KHz to 4MHz frequency 

offset varies from 0.1° to 0.85°. 
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Fig. 9.12 Measured close loop spectrum and phase noise for DTV 
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9.4.2.2 GSM900 

Fig. 9.13 shows the measured close loop spectrum and phase noise for GSM900 

with DB Q-VCO consuming current of 20mA. The close-in phase noise at 50KHz 

offset is -97.9dBc/Hz. The out-band phase noise at 3MHz offset is measured as 

-141.7dBc/Hz. The RMS phase error integrated from 1KHz to 100KHz frequency 

offset is 0.4°. 

 

Fig. 9.13 Measured close loop spectrum and phase noise for GSM900 

 

9.4.2.3 DCS/PCS 

Fig. 9.14 shows the measured close loop spectrum and phase noise for DCS/PCS 

with DB Q-VCO consuming current of around 20mA. The close-in phase noise at 

50KHz offset varies from -90.6 to -91.3dBc/Hz. The out-band phase noise at 3MHz 

offset is measured as from -137.2 to -139.6dBc/Hz. Noted that, the phase noise at 

3MHz offset are around 3dB worse compared to the open-loop ones, due to the extra 

noise from the switches in the V2I convertor (refer to Section 8.4). With correcting 

the design mistake, the FGS’ phase noise at 3MHz offset could marginally meet the 

requirement of DCS/PCS standards, while sufficiently fulfill the GSM900 

requirement. Integrated from 1KHz to 100KHz frequency offset, the RMS phase 

error for the DCS/PCS mode is from 0.97° to 1.06°. 
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Fig. 9.14 Measured close loop spectrum and phase noise for DCS/PCS 

 

9.4.2.4 UMTS 

Fig. 9.15 shows the measured close loop spectrum and phase noise for UMTS 

with DB Q-VCO consuming current of 20mA. The close-in phase noise at 50KHz 

offset is -91.1dBc/Hz. The out-band phase noise are -136.3dBc/Hz and -145.7dBc/Hz 

at 3MHz and 20MHz offset, respectively. The RMS phase error integrated from 

1KHz to 2.5MHz frequency offset is 1.32°. 
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Fig. 9.15 Measured close loop spectrum and phase noise for UMTS 

 

9.4.2.5 RFID 

Fig. 9.16 shows the measured close loop spectrum and phase noise for 

UHF-RFID with DB Q-VCO consuming current of 20mA. The close-in phase noise 

at 50KHz offset is -96.2dBc/Hz. The out-band phase noise at 3.6MHz offset is 

measured as -144.3dBc/Hz. The RMS phase error integrated from 1KHz to 50KHz 

frequency offset is 0.3°. 

 

Fig. 9.16 Measured close loop spectrum and phase noise for UHF-RFID 

 

9.4.2.6 DECT 

Fig. 9.17 shows the measured close loop spectrum and phase noise for DECT 

with DB Q-VCO consuming current of 15mA. The close-in phase noise at 50KHz 

offset is -90.6dBc/Hz. The out-band phase noise at 4.7MHz offset is measured as 
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-137.9dBc/Hz. The RMS phase error integrated from 1KHz to 864KHz frequency 

offset is 1.58°. 

 

Fig. 9.17 Measured close loop spectrum and phase noise for DECT 

 

9.4.2.7 GPS 

Fig. 9.18 shows the measured close loop spectrum and phase noise for GPS with 

DB Q-VCO consuming current of 17mA. The close-in phase noise at 50KHz offset is 

-91.5dBc/Hz. The out-band phase noise at 1MHz offset is measured as -130.7dBc/Hz. 

The RMS phase error integrated from 1KHz to 511KHz frequency offset is 1.08°. 

 

Fig. 9.18 Measured close loop spectrum and phase noise for GPS 

 

9.4.2.8 WLAN 

Fig. 9.19 shows the measured close loop spectrum and phase noise for WLAN 

standard with DB Q-VCO consuming current around 20mA. At different frequency 
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bands, the close-in phase noise at 100KHz offset varies from -89 to -95.8dBc/Hz. 

The out-band phase noise at 1MHz offset is measured as from -112.5dBc/Hz to 

-116.8dBc/Hz. The RMS phase error integrated from 1KHz to 10MHz frequency 

offset varies from 1.25° to 2.9°. Both the in-band phase noise and the RMS phase 

error are limited by the reference noise around -133dBc/Hz within the loop 

bandwidth. The higher the carrier frequency is, the more significantly the reference 

noise dominates the synthesizer’s phase noise performance. 

 

Fig. 9.19 Measured close loop spectrum and phase noise for WLAN 

 

9.4.2.9 Wimax 

Fig. 9.20 shows the measured close loop spectrum and phase noise for Wimax 

standard at 3.4GHz band and 5.2GHz band, when the DB Q-VCO consumes current 

around 18mA. Referring to the phase noise data from Fig. 9.19 as well, for different 

bands spanning from 2GHz to 6GHz, the close-in phase noise varies from -85.1 to 
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-95.8dBc/Hz. The out-band phase noise at 1MHz offset varier from -108.8dBc/Hz to 

-123.6dBc/Hz. The RMS phase error integrated from 1KHz to 14MHz frequency 

offset varies from 1.25° to 3.0°. 

 

Fig. 9.20 Measured close loop spectrum and phase noise for Wimax 

 

9.4.2.10 Zigbee and Bluetooth 

Fig. 9.21 shows the measured close loop spectrum and phase noise at 900MHz 

band and 2.4GHz band, for low-end low-power standards Zigbee and Bluetooth. The 

Q-VCO’s power consumption is reduced to around 6mA. The close-in phase noise 

varies from -80dBc/Hz to -95dBc/Hz. The out-band phase noise at 10MHz offset for 

Zigbee standrad is measured from -129.3dBc/Hz to -140.8dBc/Hz. The phase noise 

at 500KHz offset for Bluetooth is measured as -90.3dBc/Hz. The RMS phase error is 

1.19° and 4.87°, for 900MHz band and 2.4GHz band respectively. 
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Fig. 9.21 Measured close loop spectrum and phase noise for Zigbee and Bluetooth 

 

9.4.2.11 MB-OFDM UWB 

Fig. 9.22 shows the measured close loop phase noise for MB-OFDM UWB 

standard. Since the reference noise dominates the close-in phase noise at carrier 

frequencies larger than 3GHz. A doubled reference frequency 66MHz is used to 

reduce the division number and mitigate the reference noise influence. With the DB 

Q-VCO consuming current around 16mA, at different frequency bands the close-in 

phase noise at 100KHz offset varies from -84.2 to -93.1dBc/Hz. The out-band phase 

noise at 1MHz offset is measured as from -100.1dBc/Hz to -109.8dBc/Hz. The RMS 

phase error integrated from 1KHz to 264MHz frequency offset varies from 2.09° to 

5.38°. The RMS phase error should be improved effectively by employing a 66MHz 

crystal oscillator as the reference source. 
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Fig. 9.22 Measured close loop phase noise for MB-OFDM UWB 

 

9.4.2.12 UWB 802.15.3c 

Fig. 9.23 shows the measured phase noise of the ILFM’s chain with input signal 

generated on-chip and from external signal generator, where the top curve and the 

bottom curve are the phase noise of the 20GHz output signal and the one of the input 

signal, respectively. Consistent with the theory, the phase noise at 20.88GHz is around 

19dB degraded compared to the 2.32GHz input, and around 13dB degraded compared 

to the 4.64GHz input from the signal generator. The close-in phase noise at 10KHz 
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offset of the 20GHz output signal is -75dBc/Hz and -108.7dBc/Hz with internal or 

external signal source, respectively. And the output-band phase noise at 1MHz offset 

is -97.2dBc/Hz and -128.1dBc/Hz, with internal or external signal source, 

respectively. The phase noise of the 40GHz output signal was measured by a 

dividing down the frequency by 2 through an external 40GHz-input frequency 

divider. The phase noise curve is very similar to the one of the 20GHz output. 

Considering 6dB difference for the phase noise of the 40GHz output signal, with 

input signals internally generated by the FGS, the in-band and out-band phase noise 

would be -69dBc/Hz and -91.2dBc/Hz, respectively. And with external signal source, 

the in-band and out-band phase noise would be -102.7dBc/Hz and -122.1dBc/Hz, 

respectively. 

 

Fig. 9.23 Measured close loop phase noise for UWB 802.15.3c 

 

9.5 Spur 

 Fig. 9.24 shows the typically measured output spectrums for at different carrier 

frequencies. Benefiting from the avoidance of using any mixers or fractional dividers 

for all the standard modes except UWB, the spurious tones other than the harmonics 

of the desired frequency are all below -50dBc. The harmonic tones would not affect 

the transceiver’s performance, because the switching operation of the up-conversion 
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or down-conversion mixer is intrinsically nonlinear. For the UWB mode, the results 

are reported in Chapter 6, where the spurious tone level is below -31dBc for all the 

14-band carriers. 

 

Fig. 9.24 Measured output spectrums at different frequencies 

Fig. 9.25 shows the measured reference spurs at different carrier frequency. The 

loop bandwidth varies from 100KHz to 250KHz and the reference frequency is set 

from 30.2MHz to 72.5MHz. Under different conditions, the reference spur varies 

from -57.5dBc to -67.9 referred to the carrier power. During the measurement, the 

spur level is unchanged when fine tuning the up and down current of the CP, which 

indicates that the spur is mainly caused by reference clock feed-through. To further 

reduce the reference, layout techniques, such as ground shielding and guard ring, can 

be used to isolate the VCO’s control line better. And the bonding wires connecting 

the chip and testing PCB need to be also carefully planned, to prevent the reference 

clock coupled to the VCO’s control line externally. 
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Fig. 9.25 Measured reference spurs at different conditions 

 

9.6 Channel Settling Time 

The channel settling time is estimated, through measuring the control voltage on 

the loop filter by an oscilloscope. Fig. 9.26 shows the captured picture from the 

oscilloscope. The output carrier frequency of the FGS is switched from 2470MHz to 

2490MHz with a 20MHz channel space. From Fig. 9.26, the PLL can settle the 

channel frequency within 40μS, which is sufficient for all the standards including 

Bluetooth and Wimax. 

 



Chapter 9  Experimental Results of The SDR Frequency Generation System 

175 

 

 

Fig. 9.26 Measured channel settling time by oscilloscope 

 To measure the channel settling time more accurately, an alternative method is 

used through the spectrum analyzer [107]. The center frequency of the spectrum 

analyzer is set exactly at the desired carrier frequency (2490MHz in the 

measurement), and the IF filter bandwidth of the spectrum analyzer is set based on 

the required carrier frequency accuracy associated with the channel settling time 

specification provided by given standard. For example, the WLAN standard requires 

the channel to be settled within 224 μS with a frequency accuracy of േ60KHz, 

therefore the bandwidth of the IF filter is set to be 120KHz such that the spectrum 

analyzer can detect the carrier when it settles into the required range. 

 Fig. 9.27 shows the measured settling time at different spectrum analyzer’s IF 

bandwidth. With 500KHz IF bandwidth the PLL can settle down within 35.6 μS. 

When the IF bandwidth is increased to 200KHz, the settling time is increased to 

61.2 μS. The measured settling time is 92.8 μS for a frequency accuracy of 

േ30PPM, which can well meet the 200 μS requirement of Bluetooth [108]. And the 

measured settling time is 94.8 μS for a frequency accuracy of േ60KHz, sufficiently 

fulfilling WLAN’s specification. 
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Fig. 9.27 Measured channel settling time by spectrum analyzer 

 Fig. 9.28 shows the measured channel hopping time through Agilent’s Infiniium 

90000A high speed oscilloscope, where the output frequency of the reconfigurable 

ILFM is hopping from 792MHz (x3 mode) to 1320 (x5 mode), and the output 

frequency of the UWB FS is hopping from 5016MHz (band-4) to 5544MHz (band-5). 

From the measured waveform, the estimated channel hopping time is less than 0.9nS. 

For the worst case, the open loop switching time is less than 3.7nS. 

 

Fig. 9.28 Measured UWB channel hopping time by oscilloscope 
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9.7 IQ Mismatch 

 

Fig. 9.29 Measured spectrums at Tx mixer’s output w/ and w/o IQ calibration 

 Fig. 9.29 shows measured output spectrum at the transmitter mixer’s output. 

5MHz IQ baseband signals are used, and thereby it is reasonable to assume the IQ 
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mismatch of the baseband signals is neglect able. It can be seen that, the LO leakage 

level is around -30 to -50dBc for the carrier frequency from 100MHz to 10GHz. Fig. 

9.30 summarizes the measured sideband rejection (SBR) ratios with different carrier 

frequencies. Without IQ calibration, the SBR varies from 19dB to 40dB, 

corresponding to IQ phase error of from 12.6° to 1.1° with no amplitude mismatch. 

After the IQ calibration, the SBR can be improved to from 30.3dB to 47dB, 

corresponding to IQ phase error of from 3.4° to 0.5°. This error should be able to be 

calibrated out by the digital baseband, which typically has a capability of 5°.  

 

Fig. 9.30 Summary of measured sideband rejection w/ and w/o IQ calibration 

 

9.8 Power Consumption 

Table 9.1 summarizes the power consumption of the fabricated building blocks in 

the SDR FGS.  
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Table 9.1 Power consumption summary of the SDR FGS 

Part 
Building block 

Name 

Current (VDD=1.2V) 

[mA] 

Power  

[mW] 

Main RF 

(I&Q) 

DB-QVCO w/ buf 6 ~ 20 7.2 ~ 24 

Div-A w/ buf 6 7.2 

Div-B w/ buf 4 4.8 

Div-C w/ buf 2 2.4 

Div-D w/ buf 1 1.2 

Div-E w/ buf 1 1.2 

Div-F w/ buf 0.5 0.6 

Div-G w/ buf 0.4 0.5 

Mux-A 3~5 3.6~6 

Mux-B 6 7.2 

Multi-Modulus Div. 6 7.2 

PFD/CP 0.01 ~ 2 0.01 ~ 2.4 

V2I 0.02 ~ 0.1 0.02~0.1 

PLL in total 19 ~ 43 22.8 ~ 51.6 

RF part for I&Q in total 25 ~ 54 30 ~ 64.8 

UWB 

(I&Q) 

ILFM x1/x3/5/x7 

w/ buf & Mux-C 
5 ~ 6.7 6 ~ 8 

Mux-D 5.4 6.5 

SSB Mixer 4.4 * 2 = 8.8 10.5 

UWB part for I&Q in total 19.2 ~ 20.9 23 ~ 25.1 

MM-Wave 

(I&Q) 

7G output X3 w/ buf 8.6 10.3 

20G output X3 w/ buf 13.6 16.3 

40G output X2 w/ buf 9.6 11.5 

APC (when opened) 1.6 1.9 

MM_Wave part for I&Q in total 33.4 40 
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9.9 Performance Summary and Comparison 

 Finally, the measurement results of the SDR frequency generation system are 

summarized in Table 9.2. 

Table 9.2 Measurement results summary of the SDR FGS 

Standards 

Out-Band Phase Noise 

[dBc/Hz] 
In-Band 

Phase Noise 

[dBc/Hz] 

RMS 

Phase 

Error Specification Close Loop Open Loop 

EGSM 

850-900 
-139.5 

@3MHz 

-141.7 

@3MHz 

-144.7 

@3MHz 

-97.9 

@50KHz 
0.4° 

DCS/PCS 
-137.2~ -139.6

@3MHz 

-140.5~ -143.1

@3MHz 

-90.6~ -91.3 

@50KHz 

0.97° 

~ 1.06° 

UMTS 

FDD -120@3MHz
-136.3 

@3MHz 
-140@3MHz

-91.1 

@50KHz 
1.32° 

TDD 
-145 

@20MHz 

-145.7 

@20MHz 
-149@3MHz

WLAN 

802.11 

a 

-102@1MHz
-112.5~ -116.8

@1MHz 

-113~ -119.1 

@1MHz 

-89~ -95.8 

@100KHz 

1.25° ~ 

2.9° 
b/g 

n 

WIMAX 

802.16 

802.16- 

2004 

TDD/ 

FDD 
-102@1MHz

-108.8~ -123.6

@1MHz 

-113~ -123.4 

@1MHz 

-85.1~ -95.8 

@100KHz 

1.25° 

~ 3° 

802.16e- 

2005 

Bluetooth 802.15.1 
-89 

@500KHz 

-90.3* 

@500KHz 

-112 

@500KHz 

-80* 

@50KHz 
4.87°* 

DECT 
-131 

@4.7MHz 

-137.9 

@4.7MHz 

-142 

@4.7MHz 

-90.6 

@50KHz 
1.58° 

Zigbee 802.15.4 
-110 

@10MHz 

-129.3* 

~ -140.8* 

@10MHz 

-139.1 

~-148.7 

@10MHz 

-80* ~ -95* 

@50KHz 

1.19°* ~ 

4.87°* 

UWB 

802.15.3a 

MB- 

OFDM 

-100 

@1MHz 

-100.1  

~ -109.8 

@1MHz 

-102 ~ -110.6

@1MHz 

-84.2 ~ -93.1 

@100KHz 

2.09° ~ 

5.38° 
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UWB 
MMW 

802.15.3c 

-88 

@1MHz 

20G: -97.2 

40G: -91.2 

@1MHz 

60G: -93.2 

@1MHz 

20G: -75 

40G: -69 

@10KHz 

1.7pS 

(Jitter) 

Broad- 

casting 
DVB-T/H 

-87@10KHz

-115@1MHz

-119.9*  

~ -134.7* 

@1MHz 

-128.1 ~ 

-135.8 

@1MHz 

-91.7*  

~ -107.7* 

@10KHz 

0.1°*  

~ 0.85°*

Position GPS -105@1MHz
-130.7 

@1MHz 

-132.2 

@1MHz 

-91.5 

@50KHz 
1.08° 

RFID UHF 
-144 

@3.6MHz 

-144.3 

@3.6MHz 

< -145.7 

@3.6MHz 

-96.2 

@50KHz 
0.3° 

Spur Switching Time I&Q Accuracy 

< -57dBc 
Close Loop: 36μS ~ 95μS 

Open Loop: < 3.7nS 
SBR: 30.3dB ~ 47dB 

 
*Q-VCO’s bias current is much reduced to save the power consumption for the associated standards  

 

 It can be seen that the proposed FGS is able to meet all the wireless 

communication standards’ requirement, except for DCS/PCS, due to the 3dB phase 

noise degradation caused by the band selection switches in the V2I convertor. After 

fixing the design error, the FGS should be able to fulfill the DCS/PCS’ specification 

as well, as proved in the open-loop measurement. 

 A more interesting way of evaluating the SDR FGS is to compare the system 

with the existing frequency synthesizers designed dedicated for a single standard. By 

doing so, the power consumption and chip area overhead as well as the performance 

trade-off can be fully assessed and understood for such SDR sub-system with high 

re-configurability and capability. Table 9.3 shows the comparisons. 
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Table 9.3 Comparisons between the SDR FGS and the existing frequency 

synthesizers dedicated for a single standard 

Standard Ref. Tech. 
Area 

[mm2]

Power

[mW] 

In-Band PN

[dBc/Hz] 

(Other) 

Out-Band PN 

[dBc/Hz] 

RMS 

Phase 

Error 

GSM900 

H. Lee 

JSSC 2004 

0.5μm 

BiCMOS
4.6 55 -80 

< -139 

@3MHz 
- 

This  

SDR FGS 

0.13μm 

CMOS 
3.0 50 -97.9 

-141.7 

@3MHz 
0.4° 

DCS 

/PCS 

B. Muer 

JSSC 2002 

0.25μm 

CMOS 
4 70 -60/-80 

-139 

@3MHz 
3°/1.7° 

This  

SDR FGS 

0.13μm 

CMOS 
3.0 48 -90.6~ -91.3

-137.2~ -139.6 

@3MHz 

0.97° 

~ 1.06° 

UMTS 

E. Temp. 

JSSC 2004 

0.18μm 

CMOS 
3.4 28 -104 

-129 

@2MHz 
0.32° 

This  

SDR FGS 

0.13μm 

CMOS 
3.0 48 -91.1 

-136.3 

@3MHz 
1.32° 

WLAN 

A. Bonf. 

ESSCIRC 

2007 

0.13μm 

CMOS 
0.41 51 < -90 

< -108 

@1MHz 
<3° 

J. Rogers 

JSSC 2005 

0.5μm 

BiCMOS
3.2 99 -98 -120@1MHz 

0.35° ~ 

0.86° 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 56~61 -89~ -95.8 

-112.5~ -116.8 

@1MHz 

1.25° ~ 

2.9° 

WIMAX 

802.16 

Y. Yang 

JSSC 2006 

0.18μm 

CMOS 
1.0 48 -100 -124@1MHz 0.41° 

H. Heda. 

JSSC 2009 

0.18μm 

CMOS 
3.2 47 -102 -130@3MHz 0.46° 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 41~58

-85.1~ -95.8

@100KHz 

-108.8~ -123.6 

@1MHz 

1.25° 

~ 3° 

Blue- 

tooth 

D. Leena. 

JSSC 2003 

0.18μm 

CMOS 
1.1 15 -65 

< -120 

@3MHz 
- 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 36 -80 

-90.3 

@500KHz 
4.87° 
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DECT 

M. Perrott 

JSSC 1997 

0.6μm 

CMOS 
9.0 27 -75 

-131 

@5MHz 
- 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 42 -90.6 

-137.9 

@4.7MHz 
1.58° 

Zigbee 

W. Raha. 

RFIC 2007 

0.28μm 

CMOS 
0.22 0.8 -55 -98@1MHz - 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 33~36 -80 ~ -95 

-129.3 -140.8 

@10MHz 

1.19°~ 

4.87° 

UWB 

(MB- 

OFDM) 

T. Lu 

ISSCC 08 

0.18μm 

CMOS 
5.5 117 

SFDR>33dB

Hopping- 

time<3.3nS

-98@1MHz - 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 79~81

SFDR>31dB

Hopping- 

time<3.7nS

-100.1~ -109.8 

@1MHz 

2.09° ~ 

5.38° 

UWB 

( 

802.15.3c

) 

K. Scheir 

ISSCC 09 

45nm 

CMOS 
0.82 76~78 -75@1MHz -82@3MHz - 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 83 

20G: -75 

40G: -69 

@10KHz 

20G: -97.2 

40G: -91.2 

@1MHz 

1.7pS 

(Jitter) 

DTV 

M. Maru. 

ISSCC 06 

0.11μm 

CMOS 
1.9 18~20 -95 ~ -120 

-130 ~ -150 

@1MHz 
- 

L. Lu 

ISSCC 09 

0.18μm 

CMOS 
1.6 25 -95 

-126.5 

@1MHz 

0.6° 

~ 1.05° 

M. Kon. 

ISSCC 10 

65nm 

CMOS 
0.3 11 -80 ~ -94 

-119 

@1MHz 
- 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 38~52

-91.7~-107.7

@10KHz 

-119.9~-134.7 

@1MHz 

0.1° 

~ 0.85° 

GPS 

G. Mont. 

JSSC 2003 

0.18μm 

CMOS 
0.8 16 -80 ~ -96 

-95 

@1MHz 
7° 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 44 

-91.5 

@50KHz 

-130.7 

@1MHz 
1.08° 

RFID 

(UHF) 

W. Wang 

TCAS-I 08 

0.18μm 

CMOS 
1.7 4.9 -70 

-121 

@1MHz 
- 

S. Chiu 

JSSC 2007 

0.18μm 

BiCMOS
- - -78 ~ -82 

-144 

@3.6MHz 

1.3° 

~1.4° 

This 

SDR FGS 

0.13μm 

CMOS 
3.0 50 

-96.2 

@50KHz 

-144.3 

@3.6MHz 
0.3° 



Chapter 9  Experimental Results of The SDR Frequency Generation System 

184 

 

 From Table 9.3, it can be seen that for those high requirement standards 

including GSM/DCS/PCS, WLAN, UWB and RFID, the SDR FGS is very 

comparable to the associated dedicated synthesizers in terms of the chip area, power 

consumption and the performance. While for the low requirement standards like 

Bluetooth and Zigbee, the power consumption of the SDR FGS is relatively high. 

Nevertheless, for the reconfigurable multi-standard and software-defined radio 

applications, the SDR FGS prototype shows its great area and cost advantages over 

the multiple synthesizer solution. 
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Chapter 10  

Conclusion and Future Work 

 

10.1 Summary 

In this dissertation, circuit techniques and system architectures are investigated 

to realize a wideband IQ LO generation system for software-defined radios. Chapter 

1 and Chapter 2 introduce the background and transceiver architectures of the 

software-defined radio. The general considerations and the specifications of the 

frequency synthesizer for wideband SDR are summarized in Chapter 3. 

In Chapter 4, complete analysis on both one-port and two-port dual-band 

oscillators using transformer-based fourth-order LC tanks is provided, from which 

critical parameters - including oscillation frequency, start-up condition, tank Q, phase 

noise - are analytically derived and compared. It is shown that one-port oscillators 

consume less power than two-port counterparts but may suffer from stability problem 

which can be solved by a notch-peak cancellation technique. On the other hand, 

compared to one-port oscillators, two-port oscillators need to consume more power to 

obtain the same output swing, but their phase noise can be improved more linearly 

with increasing bias current, and thus they can achieve lower phase noise at 

sufficiently large bias current. Based on the results, a dual-band quadrature 

voltage-controlled oscillator (Q-VCO) is systematically designed and implemented in 

a 0.13-μm CMOS process for software-defined-radio (SDR) applications. The 

prototype achieves a dual-band operation with in-phase and quadrature-phase (IQ) 

output signals from 2.7GHz to 4.3GHz and from 8.4GHz to 12.4GHz. At 3.6GHz and 
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10.4GHz, phase noise at 3MHz offset of -135.9dBc/Hz and -119dBc/Hz and 

sideband-rejection ratios (SBR) of 37dB and 41dB are measured, respectively. 

Novel current-bleeding and current-reusing techniques are proposed in Chapter 5, 

to efficiently enlarge and maximize the locking ranges of injection-locked and Miller 

frequency dividers, without extra inductive component and extra power consumptions. 

Analysis shows that to achieve maximum locking range for the LC-based frequency 

dividers, the effective biasing current can be simply fixed to certain value so as to 

make the divider’s self-oscillation amplitude equal to the specified minimum output 

amplitude. Implemented in a 0.13μm CMOS, two current-reusing ILFD prototypes 

achieve locking ranges of 6.02GHz to 8.45GHz and 59.6GHz to 66.96GHz, around 3 

times and 2 times improvement than that of the conventional ILFDs, while consume 

0.9mW and 1.6mW from a 0.8V supply, and a 60GHz current-bleeding Miller divider 

prototype shows significant locking range improvement of more than 5x compared to 

that of the conventional Miller divider, without extra inductor and extra power 

consumption. 

In Chapter 6, new circuit topologies, including a reconfigurable injection locking 

based frequency multiplier, and transformer-based single-coil 3GHz-to-10GHz 

tunable narrow-band LC-tank for SSB mixers, are employed, to integrate a 14-band 

MB-OFDM UWB carrier generator into the FGS, in an area efficient way with only 

2 extra inductive coils. In the experiment, the generator achieves sideband rejections 

better than 31dB for all the 14-band carriers. 

A novel interpolative-phase-tuning technique is proposed in Chapter 7 to 

implement varactor-less multi-phase LC oscillators with wide tuning range and low 

phase noise at MMW frequencies. Two phase-tuning CCO prototypes, one with 

8-phase 50GHz outputs and another with 4-phase 60GHz outputs, implemented in the 



Chapter 10  Conclusion and Future Work 

187 

 

0.13μm CMOS process and operated at 0.8V supply, measure phase noise of 

-127.8dBc/Hz and -120.6dBc/Hz at 10MHz offset, FOMs of 186.4dB and 180.6dB, 

and FOMTs of 183dB and 179.7dB, respectively, which are much better compared to 

other state-of-the-art MMW oscillators using capacitive tuning.  

 An alternative way of using high frequency multipliers to synthesize the MMW 

LO frequencies is also investigated in Chapter 7. Two injection-locked based 

frequency multiplying chains are designed and demonstrated, providing LO signals 

for both direct-conversion and dual-conversion transceivers operating at 60GHz band. 

A proposed automatic peak calibration technique is implemented for the ILFM chain, 

which effectively improves the output swing and the spur rejection performance with 

low area and power consumptions. 

 Employing these circuit techniques and topologies, a wideband SDR frequency 

generation system, with reconfigurable phase-locked loop as described in Chapter 8, 

is proposed and demonstrated in a 0.13μm CMOS. The prototype successfully 

generates the LO signals from 47MHz to 10GHz, from 18GHz to 22.5GHz and from 

37GHz to 44GHz. The detailed experimental results are provided in Chapter 9. It is 

shown that the proposed FGS is capable of meeting all the wireless communication 

standards’ specifications including GSM900, DCS/PCS (after fixing the error as 

mentioned in Section 8.4), UMTS, WLAN, WiMAX, Bluetooth, DECT, ZigBee, 

DVB-T/H, GPS, UHF-RFID, MB-OFDM UWB and UWB 802.15.3c. 

 

10.2 Contributions of The Dissertation 

 Firstly, the dissertation proposes the system architecture of an IQ LO signal 

generator, which fully supports a described ultra wideband SDR transceiver system, 
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covering all the wireless communication standards within the frequency band from 

47MHz to 10GHz as well as the 60GHz band.  

 Secondly, the dissertation contributes the complete theory of transformer-based 

one-port and two-port dual-band oscillators, and proposes an optimized dual-band 

Q-VCO topology for the wideband SDR applications. 

 Thirdly, locking range enhancement techniques are proposed for the LC-based 

injection-locked frequency dividers and Miller dividers. And the associated locking 

range optimization theory is developed. 

 Fourthly, a varactor-less phase tuning technique is proposed to improve the 

performance of oscillators operating at high frequencies, like the millimeter-wave 

frequencies. 

 Fifthly, the dissertation proposes the circuit topologies of a reconfigurable 

x3/x5/x7 injection-locked frequency multiplier, and a transformer-based single-coil 

tunable narrow-band LC-tank. With the novel circuitries, it is demonstrated that the 

14-band carriers of the MB-OFDM UWB standard can be generated with only two 

extra inductive coils based on a phase-locked VCO. 

 Sixthly, cross-injection and quadrature-input-differential-output topologies are 

proposed for injection-locked frequency multiplier circuits. Together with a novel 

automatic-peak control technique, it is demonstrated that the LO signals for the 

57GHz-to-66GHz dual-conversion transceivers can be generated through the 

sub-harmonic injection-locking method, with sufficient locking range, LO swing and 

phase noise performance. 

 Finally, the dissertation contributes the design, integration and measurement 

results of the whole frequency generation system, which is the very first one 

successfully covering the frequency bands from 47MHz to 10GHz, 19GHz to 22GHz 
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and 38GHz to 44GHz. 

 

10.3 Recommendations for Further Work 

 The main focus and the contributions of this work are in the open loop part for 

wide-band LO generations. Nevertheless, there are also some potential topics worthy 

to be investigated in the close loop part of the SDR FGS as well.  

One issue is how to dynamically control the loop bandwidth of the PLL for 

different standards. Although the loop parameters such as KVCO, loop filter 

parameters can be optimized in the measurement and then memorized in digital 

domain, such a method requires a long period and tedious experimental process 

which is not time and cost effective. Moreover, this method cannot realize real time 

calibration and thus the performance is limited by the PVT variations. To implement 

the real time loop bandwidth control, on chip measurement needs to be done to 

obtain the phase noise, settling time and spur information, in order to automatically 

calibrate the loop bandwidth, which is difficult to realize in analog domain. Thereby, 

all digital PLL would be the direction for implementing the fully self-adaptive and 

self-reconfigurable frequency synthesizer.  

Another issue is to effectively reduce the channel switching time of the FGS. 

With proper design, the switching time of the open loop part can be controlled into 

nanosecond level, but what limits the total channel switching time is the PLL part. 

By using a large loop bandwidth together with quantization noise compensation or 

dynamic bandwidth control, the settling of the loop can be accelerated to tens of 

microseconds, however, considering a wide range of spectrum scanning for the 

future cognitive radio, many tens of microseconds would still be too long. Therefore, 
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novel techniques to further reduce the switching time are highly desirable. 

 Besides, the current PLL is based on single loop architecture, while dual loop or 

multiple loop architecture is worthwhile of investigations. One of the motivations to 

use an extra loop is to adjust the reference frequency as well, by doing so the 

resolution requirement of the main loop can be much relaxed. 

 In the designed SDR FGS, IQ LO signals are provided for typical transceiver 

architectures. On the other hand, to support harmonic rejection transceivers, 

half-quadrature phase LO signals are required. One potential method to generate 45° 

signals is adding more dividers in the divider chain and applying the IQ differential 

signals at each node to two following dividers, instead of summing I and Q signals 

and applying on a single following divider, as in the current way. By doing so, 

half-quadrature signals can be obtained at the two dividers’ outputs. In this scheme, 

the phase sequence at the two dividers’ outputs needs to be carefully dealt with. And 

more importantly, at Mux-B’s output, the leakage signals at the harmonic frequencies 

of the desired signal should be treated as well, because such leakage signals can 

change the original phase relationship between fundamental tone and the harmonic 

tones of the desired LO signal, which would degrade the harmonic rejection ratio of 

the harmonic rejection transceivers. 

 For the SDR FGS, the power consumption is quite high for the low end 

standards like Zigbee and Bluetooth, while the phase noise, especially for Zigbee, 

still has much margin to be traded off with the power consumption. It is therefore 

desirable to improve the individual building block as well as the system architecture 

to further enhance the re-configurability of the whole system. And it would be wise 

to selectively group and integrate the standards with more common points into 

different sub-systems, to globally optimize the whole SDR. 
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Appendix-I  

Design Flow of Inductor or Transformer 

 

In this appendix, the computer aided design flow of inductive components will 

be provided, while the technical aspects of monolithic inductors and transformers, 

including the layout configurations, the physical analysis and the fitting models can 

be found in numerous literatures [109]-[113]. 

 

Fig. I-1 Design flow of inductive components 

Fig. I-1 shows the design flow for the inductors and the transformers used in the 
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FGS. At the beginning, the component parameters like the inductance, Q and 

coupling coefficient can be quickly estimated and optimized using the tool ASITIC 

[114], with simulating different layout configurations and adjusting the physical 

parameters such as the turn number, the diameter, the metal width, the line spacing 

and so on. It should be noticed that the estimated Q from ASITIC is typically higher 

than the actual Q, especially at the frequencies above 5GHz. So enough design 

margins should be left for the inductive Q before moving to the next step. 

After obtaining the basic physical parameters, the inductor or the transformer is 

then simulated in a 2.5D EM simulator Momentum commercialized by Agilent. In 

this step, the RF mode of the simulator is enabled to sufficiently save the simulation 

time, so that the physical parameters like the metal width and the line spacing can be 

fine tuned with a reasonable accuracy and without consuming too much time. When 

the layout is optimized and fixed, the component is simulated with the RF mode 

disabled. The simulation would take much longer time but become more accurate in 

particular at millimeter wave frequencies. Then, the simulated S-parameter data from 

Momentum are fitted into a discrete component model in ADS, so that the inductor 

or the transformer can be well simulated in the circuit simulators, such as Spice or 

SpectreRF. If the circuit performance with the designed inductor or transformer is 

satisfied, the design is done and the testing structures of the inductive component can 

be fabricated for measurement. If not, the flow needs to go back to the fine-tuning 

step, or even back to the first step with ASITIC if a new layout architecture needs to 

be used. Note that, if the characteristic of the desired inductor or transformer is 

similar to that of an existing design, the flow can start directly from the second 

fine-tuning step based on the reference. 

Finally, the inductor or the transformer is measured based on the on-wafer 



Appendix-I  Design Flow of Inductor or Transformer 

193 

 

probing. Before measuring the data, the whole test environment needs to be calibrated 

through probing a calibration substrate for the associated probes. Then, the inductor or 

the transformer is measured by replacing the calibration substrate with the device 

under test. Since the measured raw data contain both the parasitic capacitance of the 

pads and the parasitic inductance of the interconnecting lines between the device and 

the pads, the testing structures of the open pads and short pads are also fabricated and 

measured, and then the de-embedding and the model fitting with the measured data 

are done in ADS. After that, the fitted model is verified again in the circuit level 

simulation, to find out the actual influence of the inductor or the transformer on the 

circuit performance, if necessary, the inductive component needs to be re-designed 

from the beginning. 
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